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Brief Description of Performed Research 

This project concentrates on the development of high-efficiency Si micromachined 

antennas. Microstrip antennas are used in a broad range of applications from 

communication systems (radars, telemetry and navigation) to biomedical systems, 

primarily due to their simplicity, conformability and low manufacturing cost. With the 

recent development of microwave and millimeter-wave integrated circuits and the trend 

to incorporate all microwave devices on a single chip for low-cost and high density, there 

is a need to fabricate microstrip antennas in a monolithic fashion with the rest of the 

circuitry on semiconducting materials such as Silicon, GaAs or InP. These antennas 

despite their planar character and low cost suffer from high surface-wave excitation 

resulting in compromised efficiency, reduced bandwidth and degradation of the radiation 

pattern. Furthermore, in monolithic designs the feed lines share in most cases the same 

interface with the antennas and lead into parasitic radiation which deforms the antenna 

pattern and increases cross-talk. During the reporting period, our group has investigated 

the development of a variety of micromachined as listed below: (1) The antennas are Si 

micromachined for high-efficiency and are excited by a corporate feed network which is 

packaged on-wafer to achieve reduced parasitic radiation and reduced cross polarization 

levels. (2) Micromachined antennas fed by a vertically integrated network, which excites 

the radiation elements by electromagnetic coupling through planar slots printed on the 

ground plane of the antennas. (3) Micromachined antennas, which can be reconfigured by 

use of a very fast, very low loss, MEMS switch. (4) Modeling of antenna and circuit 

structures using time domain multiresolution analysis. The study performed in each of 

these areas is described in detail below. 



PART I: Micromachined Antennas 



•    Micromachined Antennas uith a Packaged Feed 

These antennas have been micromachined on a Si substrate to incorporate an air cavity as 

shown in Figure 1. This air cavity alters the substrate of the and as a result reduces the 

excitation of parasitic substrate modes, improve efficiency while at the same time 

increases the bandwidth. The feeding network is packaged on wafer by its own 

micromachining packaging in order to eliminate parasitic radiation loss from the feeding 

line and reduce cross polarization. 

Reduced parasitic 
radiation 
Increased efficiency 
(by 80%) 
IIK reased bandwidth 
(by 100%) 

Metallization 

Patch Antenna 

S~ 
; ■ ——:-—7T-.—- 

Figure 1: Micromachined Micropackaged Antenna 

To develop the micromachined substrate, material is being removed laterally in an 

area under and around the patch in order to reduce locally the dielectric constant. The 

removal of the dielectric material underneath the antenna reduces the effective dielectric 

constant and has a noticeable increase in the bandwidth. Comparison between the 

bandwidth of a regular patch on Silicon and a micromachined patch has shown an 

increase of 72% (from 2.9% to 5% for a particular design). Extensive efficiency 

measurements   showed   excellent   repeatability   and   demonstrated   an   increase   of 



approximately 309c (from 669? to 859?). This work has resulted in a number ol~ 

presentations (see previous semi-annual report). During the reporting period, the studied 

summarized here has been presented extensively through a number of Symposium 

presentations and manuscripts which have either been published, accepted for publication 

or submitted [1], [4]-[7]. 

•    Micromachined   Antennas   Electromagneticallv   Coupled   to   the   Feeding 

Network 

Antennas fed by a corporate feed are facing many implementation problems experienced 

as the operating frequency increases. During the past eight months we have investigated 

and successfully designed a variety of electromagnetically fed micromachined antennas. 

The variations we have investigated are involving two separate feeding mechanisms one 

from a microstrip and coplanar waveguide and two different coupling slot geometries, a 

single slot and a H slot for better matching and wider bandwidth. Figure 2 shows a 

schematic of micromachined patch fed by a packaged coplanar waveguide. 

Membrane Patch 

Micromachined Shielded Microstrip 

Figure 2: Micromachined Antenna Fed by a Coupling Slot. 

Various antennas with operating frequencies at 17GHz, 24GHz and 94GHz have been 

designed and fabricated and preliminary results have demonstrated very good 

performance. All of the designs have been supported and validated by extensive 

modeling. Figure 3 shows theoretical results that predict antenna performance in W band 



along with a picture of the real antenna as it has been fabricated and prepared for 

measurements. At the present time, we are in the process of performing measurements for 

input impedance, bandwidth and efficiency 
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Figure 3: Schematic of a Micromachined Antenna 
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Figure 4: Theoretically Predicted Performance Using HP-HFSS 



In addition to the microstrip and coplanar waveguide, coplanar strip lines (CPS) have 

been investigated for use in the antenna feeding network [2]-[3]. At the present time, we 

are in the process of designing micromachined antennas fed by a CPS line printed on a 

substrate made of 20fim polyamide layers on a high-resistivity Si substrate. The use of 

polyamides allows for the fabrication of CPS lines (see Figure 5) in a way that allows for 

flexibility in layout provides lines with desirable characteristics. 

CPS 
I .._• -_^-    | 

1"' - —  i 
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Si 

Polyamide 

CPS 
To Micromachined 
Patch Antenna 

CPS 

Micromachine 
d Patch 

Figure 5: Micromachined Antenna Fed by a CPS Line 



•    Micromachined antennas, which can he reconfigured hx use of a verv fast. ven 

low loss. MEMS switch. 

Reconfiguring antenna characteristics including resonant frequency and polarization, is a 

desired capability in multifrequency or very broadband systems. In order to reconfigure 

an antenna, there is a need for very high-speed, small size, low insertion loss switches. 

PIN diodes have been used in the past in place of these switches, but have introduced 

many problems such as high loss and nonlinear loading to the antenna and have made the 

design of the new radiating structure very complicated. With the development of MEMS 

switches, the possibilities for the development of a high-performance reconfigurable 

antenna become unlimited. During this reported period, we have investigated the design 

and fabrication of a MEMS switch that has very high-speed, very low loss and high 

isolation. 

Switch Parameters 

VPi = 3V 
Kz = = 0.239 N/m 

t ä = 8.0 ns 
fo = 2 kHz 
Q = 27.87 

9 

8 

«■    7 

4 6 8 10 
Applied Voltage {VJ 

Figure 6: Schematic of the MEMS Switch with Theoretical Predictions 



Figure 6 shows a schematic of the switch with the predicted speed as a function oi the 

applied DC voltage. The use of MEMS switches allows for the development of antennas 

with time adaptive characteristics without compromising performance. The present state 

of the art has provided MEMS switches for high-frequency applications which can be 

switched on and off by use of unacceptably high dc voltages. The switch developed as 

part of this study is based on a unique approach that permits the use of much lower 

voltages, (less than 6 Volts) without compromising speed. Figure 7 shows a real picture 

of this switch as it has been fabricated recently. Presently, we are in the process of 

measuring the performance of these switches. The work from this effort will be 

extensively reported in the 1998 International Symposium of Microwave Theory and 

Techniques. 

Micromechanical CPW Switch 

SEM Pictures 
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Figure 7: Picture of the Micromechanical Switch. 



PART II: Multiresolution Analysis 



•    Modeling   of   Antenna   and   Circuit   Structures   using   Frequency   Domain 

Multiresolution Analysis. 

Complex antenna and circuit problems require very intensive calculations due to the need 

to accurately simulate the underlying high-frequency effects and account for all the 

parasitic mechanisms. As part of this project, we have successfully applied a novel 

frequency domain scheme recently developed at the University of Michigan that allows 

for the very successful and computationally efficient solution of complex antenna 

problems. This technique has been applied to a variety of circuit and antenna problems 

and has demonstrated the capability to provide accurate solutions in a much more 

efficient ways than the conventional techniques. The whole idea in this approach is the 

use of wavelets in the expansion of the unknown functions. The use of wavelets allows 

for the computation of the values of the derivatives of the unknown field quantities in 

addition to the average values of the field. This allows for the development of novel 

space-adaptive schemes with unique capabilities. At the same time, the use of wavelets in 

the method of moments [8], produces very sparse matrices with excellent condition 

numbers which allows for the solution of problems which were very difficult to solve 

with conventional techniques. 



Research Summary: 1997 

Kavita Goverdhanam 

I    Development of Multiresolution based FDTD Multigrid: 

The objective of this work is to develop a Finite Difference Time Domain (FDTD) multigrid 

using Haar wavelet based Multiresolution Analysis. This results in the Time Domain Multires- 

olution (MRTD) technique. It has been shown that an MRTD scheme that uses Haar scaling 

functions alone, results in the conventional FDTD technique [1]. Further, as per the theory 

of Multiresolution Analysis, any function which is expanded in terms of scaling functions of a 

lower resolution level, ml, can be improved to a higher resolution level, m2, by using wavelets of 

the intermediate levels. The motivation for this work stems from the several advantages offered 

by using a combination of wavelet and scaling functions as bases, instead of higher resolution 

scaling functions alone. The use of wavelet expansions has major implications in memory sav- 

ings because wavelet expansion coefficients are significant only in areas of rapid field variations. 

This allows for the capability to discard wavelet expansion coefficients where they are not sig- 

nificant thereby leading to significant economy in memory. Different resolutions of wavelets 

can be combined so as to locally improve the accuracy of the approximation of the unknown 

function. This, combined with the fact that wavelet coefficients are significant only at abrupt 

field variations and discontinuities allows MRTD to lend itself very naturally to a Multigrid 

capability. 

To begin with, MRTD technique was successfully applied in solving a variety of simple 2D 

electromagnetic problems, such as, a cavity and shielded stripline [2]. Having demonstrated the 

efficacy of MRTD in solving electromagnetic problems, in 1997, significant emphasis was placed 

on extending the MRTD technique to incorporate more complex geometries which included 

inhomogeneous dielectrics and 3D structures. 



3-D Haar-MRTD Scheme: 

The 3D MRTD equations were derived by applying the method of moments to Maxwell's equa- 

tions by using Haar scaling as well as wavelets as basis functions to expand the electromagnetic 

fields. By sampling Maxwell's differential equations with scaling and wavelet functions, a set 

of simultaneous discretized equations were obtained [3]. For the first resolution level of Haar 

wavelets, the scaling and wavelet schemes decouple and coupling can be achieved only through 

the excitation term and boundaries. 

While the 2D MRTD scheme dealt with geometries shielded by Perfect Metallic Conductors 

(PECs), the 3D MRTD scheme that has been developed, incorporates Perfect Magnetic conduc- 

tors (PMCs) as well as absorbers. The Perfectly Matched Layer (PML) is used as an absorber. 

Thus the 3D MRTD scheme has the capability to analyze open structures as well, thereby broad- 

ening the range of applicability of the scheme. To validate the generalized 3D MRTD technique, 

the electromagnetic fields in geometries such as parallel plate and rectangular waveguide have 

been successfully evaluated, thus verifying the accuracy and the efficiency of the technique. 

The aforementioned 3D MRTD scheme also incorporates inhomogeneous dielectrics. As men- 

tioned earlier, for the first level of wavelet resolution, the scaling and wavelet schemes are 

decoupled, except at the location of the source and boundaries. Thus, at the region of inter- 

face between two dielectrics, where the scaling and wavelet functions are coupled, appropriate 

boundary conditions were applied to accurately model the dielectric interface. The fields in an 

inhomogeneous dielectric filled parallel plate waveguide have been accurately solved using the 

MRTD technique. Thus a generalized 3D MRTD scheme which incorporates the source term, 

PECs, PMCs, dielectric boundaries and PML absorbers has been developed, its performance has 

been verified and its numerous advantages have been demonstrated!. This establishes MRTD 

technique as the most efficient and simple tool that can be used to achieve FDTD Multigrid. 

II    Micro-Coplanar Striplines: 

In this research effort, a new transmission line for microwave applications, referred to here as 

the Micro-Coplanar Stripline (MCPS), was studied [4]. Motivation for this work stems from the 

requirement of low-cost devices in wireless communication systems. One approach in addressing 



the low-cost requirement is to combine the available digital silicon processing technology with 

the high frequency silicon germanium device technology. The size and complexity issues that 

arise with this integration lead to the requirement of novel integration techniques which rely on 

multi-layer three dimensional transmission lines constructed using very dielectric layers such as 

glass or silicon dioxide. The aforementioned MCPS line is aimed at meeting this requirement. 

It is fabricated on a high resistivity silicon (HR Si) wafer and has a very thin spin-on-glass 

(SOG) as a spacer layer separating two strip conductors. A number of MCPS geometries were 

characterized using the FDTD technique in order to obtain the characteristic impedance and 

effective dielectric constant. From these studies, it was proved that by varying the parameters 

involved, a wide range of desired characteristic impedances could be obtained. Preliminary 

studies have thus indicated that MCPS provides extremely compact and low cost circuits with 

wide design flexibility. Further investigation of the MCPS is in progress. 
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120.1    Introduction 

Microwave and millimeter-wave planar-integrated circuits and 
antennas are the central nervous system in communication 
radars. In the past decade, the microwave field has been experi- 
encing a technological revolution due to advances in solid-state 
devices, insulating and semiconducting materials, and circuit 
analysis techniques. Furthermore, the planarization of guiding 
structures to transmission lines in microstrip, stripline, or copla- 
nar waveguide form provides great flexibility in design, reduced 
weight and volume, and compatibility with active devices and 
radiating elements. 

There are, however, drawbacks to these planar geometries. 
These include frequency dependent mechanisms such as parasitic 
coupling and radiation, as well as increased ohmic loss, dielectric 
loss, and dispersion. These effects can seriously deteriorate elec- 
trical performance and can lead to costly, time-intensive design 
cycles (van Deventer et al., 1989; Dunleavy and Katehi, 1988). 
Suppression of some of these electromagnetic mechanisms, such 
as parasitic radiation and coupling, has led to improved perfor- 
mance, but requires very sophisticated solutions which add con- 
siderably to the weight and cost of the circuits (VandenBerg 
and Katehi, 1992; Harokopus and Katehi, 1989; Pengelly and 

Schumacher, 1988). Elimination of other deleterious effects, such 

as dispersion and ohmic loss, will require fundamentally new 
approaches to planarization and circuit integration. 

In almost all design cycles, system components are typically 
developed and tested in an open environment. Once performance 
is tested and design is confirmed, the circuits are mounted into 
a metal housing which, in most cases introduces multiple parasitic 
resonances that interfere with the electrical performance of the 
circuit. In addition, this packaging approach often results in 
expensive packages that are mostly responsible for the resulting 
weight and volume of the units. Miniaturized high-frequency 
circuits with an integrated housing offer lightweight and control- 
lable parasitics, making them appropriate for cellular and mobile 
communications where system requirements impose strict limits 
on electrical performance. 

Recent advances in semiconductor processing techniques offer 
a historic opportunity to distinguish the monolithic from the 
planar character, and provide integration in all of the directions 
of the three-dimensional space (Weller et al., 1993a,b; Dib et al., 
1991). The capability to incorporate one more dimension, and 
a few more parameters, in the circuit design, can lead to revolu- 
tionary shapes and integration schemes. These circuit topologies 
can reduce ohmic loss and eliminate parasitic radiation or para- 
sitic cavity resonances without affecting the monolithic character 
of the design circuits. Operating frequencies are thereby extended 
and performance is optimized. 

0-8493-8343-9/97/S0.0O-S.50 
© 199? hv CRC Press LLC 1547 
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Silicon miromachming car, provide a vanetv o! solution* to 
the previouslv mentioned problems resulting in transmission 
line and arrav approaches which are characterized by: 

• Superior performance. 

• Low-weight and volume. 

• Easy fabrication. 

• Great potential for low cost. 

The characteristics shown above may be prioritized according 
to pre-existing needs, resulting in a number of approaches which 
use micromachining for millimeter- and sub-millimeter-wave 
circuit design. 

120.2   Applications 

The evolution of micromachined circuits and antennas for opera- 
tion in microwave and millimeter-wave frequencies is still in 

its infancy. However, presented here is a description of recent 

accomplishments in this area, with emphasis on the effort per- 
formed at the University of Michigan. There are two techniques 
which have shown promise for use, and which extensively use 
micromachining to realize novel circuits. The first utilizes dielec- 
tric membranes to support transmission line and antenna config- 
urations (Weller et al., 1993a,b; Dib et al., 1991) and emphasizes 
optimization of circuit performance. The second technique intro- 
duces new concepts in packaging such as adaptive or conformal 
packaging and, in addition to improvement in performance, it 
emphasizes size/volume/cost reduction (Drayton and Katehi 
1982,1993a,b). The merits of each approach, in relation to electri- 
cal performance, fabrication, and compatibility, will be presented, 
and the impact of the newborn technologies to the state of the 
art will be discussed. 

Dielectric Membrane Supported Circuits and 
Antennas 

Membrane supported radiating elements, such as the integrated- 
horn antenna, were first developed in 1987 by D.B. Rudedge and 
G.M. Rebeiz (Rebeiz et al, 1990) and have been further studied 
and developed at Michigan by G.M. Rebeiz and L.RB. Katehi. 
SIS junctions on thin SiN membranes and have been successfully 
fabricated at MIT by E. Garcia et al. (1993). Furthermore, linearly 
tapered slot antennas and corner-reflector antennas printed on 
membranes have been developed by E. Kolberg et al. (Ekstrom 
et al„ 1992) and have shown excellent performance. The fabrica- 
tion of these radiating structures has led to the establishment of 
a membrane technology which is reliable, repeatable, and easy 
to employ. The successful use of membranes for antenna design 
led to the development of a membrane-supported transmission 
line, called microshield, which was presented for the first time 
in the 1991 MTT-S International Microwave Symposium (Dib et 
al., 1991). The microshield is only one of the possible membrane- 
supported geometries shown in Figure 120.1. All of these geome- 
tries are evolutions of conventional planar lines with one major 
difference; the substrate material underneath the lines has been 

removed and a membrane is utilized to support the conductors. 
Figure 120.U" show* a membrane coaxuii. which resembles a 
rectangular coaxial, and is characterized bv zero dielectric loss, 
zero dispersion, zero parasitic radiation while maintaining com- 
patibility to planar monolithic geometries. This propagating 
structure is completely shielded and can provide passive circuit 
components with optimum performance. Figure 120.1a shows 
a membrane coupled strip line which very closely resembles the 
conventional coupled strip line and can provide very efficient 
antenna feeding networks. The third of the membrane geome- 
tries, Figure 120.1b, is the microshield line which resembles very 
closely the conventional coplanar waveguide. This line has zero 
dispersion, limited parasitic radiation and the capability to sup- 
press the excitation of the unwanted slot mode due to the presence 
of the folded ground which operates as a continuous air bridge. 
The membrane line as a transmission medium has created the 

basis of a new technology, which can provide generic designs 
appropriate for circuit and antenna applications in the millimeter 
and submillimeter-wave region. 

As shown in Figure 120.1, various configurations of membrane 
lines may require the use of two or three wafers, to provide a 
cavity shield on one or both sides. This cavity shield is necessary 
for some uniplanar geometries, where multiple ground planes 
or other conductors are in close proximity to the signal line. 
Figure 120.1a shows a membrane coplanar strip line, made of 
two high-resistivity <100> Si wafers, in which the electric field 
is confined to the surface area between the two strips. In this 
case shielding by the cavity is not required and, depending on 
the application, the line may operate in a variety of environments. 
All the membrane line configurations presented so far utilize at 
least two wafers, and the cavity structures under the signal lines 
may also be designed to control line characteristics. These mem- 
brane monolithic geometries are appropriate for a variety of 
applications including monolithic antenna and array feeding net- 
works, diode mounting structures for receiver applications, net- 

works for vertical integration, etc. 
Membrane supported transmission lines are quasi-planar con- 

figurations in which a pure, non-dispersive TEM wave propagates 
through a two-conductor system embedded in a homogeneous 
environment. Homogeneity of the environment can be accom- 
plished by using a 1.5-micron-thick dielectric membrane, or a 
few-micron-thick diaphragm, to support the signal lines, while 
ground is provided by a metallized micromachined cavity. This 
cavity is fabricated in Si wafers, using etchants such as KOH 
(potassium hydroxide) or EDP (ethylene diamine pyrocatechol), 
and is metallized using evaporation or plating. The signal lines 
are created by metal deposition on the membranes or diaphragms 
or can be grafted onto the supporting structure by lift-off tech- 
niques. Due to cavity shielding and the pure TEM character of 
the propagating mode, these lines possess a large single-mode 
frequency band (DC to > 1 THz), have very low losses and zero 
signal dispersion. Consequently, circuit components made of 
these line geometries can provide electrical performance which 
is superior to those of conventional planar circuits. 

The success of membrane-supported circuits relies on the 
development of thin-film dielectric membranes or diaphragms 
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Figure 120.1    Micromachined transmission line geometries. 

with good electrical and mechanical properties. These thin-film 
layers are grown on Si or GaAs wafers, and are used to support the 
planar conducting strip lines. In view of the previously mentioned 
performance objectives, the thin films must have low losses at 
microwave and millimeter-wave frequencies, as well as compati- 
bility with semiconducting and conducting materials. Further- 
more, mechanical considerations include reduced sensitivity to 
applied pressure and temperature variations, along with increased 

membrane or diaphragm sizes. 
For the circuits presented in this chapter, the membranes are 

in a tri-layer SiCySijN^SiOj configuration, with constituent 
thicknesses of 7000, 3000, and 4000 A, respectively. The base 
layer (7000 A) is grown using thermal oxidation, while the final 
two layers are formed using a low pressure chemical-vapor-depo- 
sition process (LPCVD). The materials used for the development 
of the dielectric membrane have very low losses from DC (p > 
1014 H-cm) well into the THz region. The small size makes the 
membranes transparent to propagating signals at frequencies as 
high as 1-3 THz, and provides a near-homogeneous air-filled 
environment to the propagating electromagnetic wave. Conse- 
quently, the wave exhibits very fast wave velocities, zero disper- 
sion, and zero dielectric loss. To date, membrane dimensions as 

large as 9 mm X 9 mm have been fabricated for use in membrane 

lines with a yield greater than 95%. 

Micromachined Lines for Miniature, 
Monolithic Packaging 

In microwave and millimeter-wave circuit applications, the issue 
of RF packaging is becoming an important subject to address 
due to the lack of appropriate packaging configurations for high- 
frequency circuit design. Several years back, experts in the field 
of device and component development began to realize that 
packaging of such components was progressing at a much slower 
rate than the devices themselves. As a result, many problems 
observed in device and component performance at these frequen- 
cies are being attributed, after diagnostic testing, to the package 
in which they are housed. Typical problems associated with circuit 
packages, especially above X-band, include resonances due to the 
large physical geometry surrounding these circuits, cross-talk 
caused by parasitic radiation from neighboring circuits, and 
unwanted excitations that result in power leakage in the form 
of substrate modes. Many of these issues can be addressed by 
integrating the package with the circuit monolithically, which 
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High Density Interconnect Network 
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Figure 120.2    High-density micromachined interconnect network. 

implies that the package is part of the circuitry and it is designed 
to meet performance specifications. Other desired attributes of 
an RF package include the capability to provide protection from 
hostile environments, appropriate means for heat removal, and 
mechanical support for components while introducing minimum 
performance degradation. With state of the art advances in semi- 
conductor processing techniques, silicon micromachining can 
offer what conventional means have not been able to provide; 
packages which conform to the circuit geometry, require much 
less space, and provide superior mechanical, thermal, and electri- 
cal performance. 

Although micromachining of silicon is a well established tech- 
nology for sensor and biomedical applications, for the first time 
this technology is being applied to develop self-packaged circuit 
components for high-frequency applications. In the past few 
years, the use of Si micromachining in microwave and millimeter- 
wave circuit applications has been extensively explored at the 
University of Michigan, leading to many innovations. Among 
these have been the capability to develop self-packaged circuit 
components which have demonstrated superior electrical perfor- 
mance when compared to conventionally developed components. 
These micromachined circuit components may be of microstrip 
or coplanar waveguide (CPW) type and they are surrounded by 
an air-filled cavity in the upper region and a substrate-filled 
cavity in the lower region. Both cavities are integrated monolithi- 
cally with the circuits to provide completely shielded geometries 
which are appropriate for a broad range of applications including 
high density interconnect networks such as the one shown in 
Figure 120.2. The use of micromachining has led to the develop- 
ment of a variety of planar circuits with optimum performance 
(Weller et al., 1993a,b; Drayton and Katehi, 1993, 1992a,b) and 
has demonstrated the capability to develop novel geometries and 
integration techniques. 

This effort has led to the first demonstration of a high-fre- 
quency monolithic conformal package that follows the path of 
various line geometries, and is sized in such a way that its package 
resonance exists well above the desired range of operating fre- 
quencies. One very important characteristic of this packaging 

approach is that it provides monolithic self-packaged geometries 

which can be integrated within more complex planar circuit 
arrangements. Furthermore, this package can be integrated with 
any uniplanar technology and can incorporate any type of trans- 
mission medium such as microstrip, coplanar waveguide, coaxial 
line or stripline. 

The concept of conformal packaging can be applied to a very 
broad range of applications. One such application is the develop- 
ment of planar diode mounting structures for detector and mixer 
applications. To demonstrate the flexibility offered by microma- 
chining, the mounting structure for a K-band detector as shown 
in Figure 120.3 has been developed with both longitudinal 
shielding as well as cross cavity shielding. The cross-cavity junc- 
tion implemented in the shielding allows for the incorporation 
of commercial diodes or other input paths to the existing circuit. 
The passive circuit in the mount consists of an input matching 
network, a diode mounting region, and a lowpass filter output. 
At the diode placement location, a cross-cavity is formed in both 
the upper and lower cavity regions and is designed to operate 
under cut-off as discussed earlier. For the embodiment presented 
here, the lower cavity dimensions form a substrate-filled wavegu- 
ide which has the dominant effect on the package resonance. 

Figure 120.3   Conformal packaging. 
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The dimensions of the shield are chosen so that the package 

resonates at 54 GHz. 

120.3   Fabrication Methodology 

A detailed description of the processing steps involved in the 
fabrication of silicon micromachined circuits is presented in this 
section. The procedures are grouped into five primary categories, 
which are the growth of the tri-layer dielectric membrane, deposi- 
tion of the circuit metallization, wet chemical etching (microma- 
chining) of the silicon, backside metallization, and final circuit 
assembly. The membrane is mainly of importance in the realiza- 
tion of'membrane-supported configurations, but is also useful 

as a temporary masking layer in general micromachining applica- 
tions. Typically, a single oxide layer is more convenient when 
only the masking function is required. The silicon wafers must 
be at least single-side polished on the surface which will be 
patterned with circuit metallization, and double-side polished 
wafers are desirable when fine features are to be micromachined 
on the back side. If the etch patterns consist of relatively large 
openings and do not require great resolution, the additional 

expense of double-side polishing can be safely avoided. It is 
imperative, however, that silicon with a resistivity of at least 
1500-2000 fi-cm be used wherever silicon is exposed to the 
RF energy. This is done to avoid excessive dielectric loss, and 
necessitates the use of wafers which are grown using the float 
zone (FZ) process (Kramer, 1983). For completely metallized 
ground planes or RF shielding cavities, less expensive, low-resisti- 
vity (approximately 10 O-cm) wafers are utilized. These are typi- 
cally grown using the Czochralski (CZ) method (Leadise, 1970). 

There are undoubtedly countless numbers of possible varia- 
tions and extensions of the techniques included here. The intent 
of this writing is merely to describe a reasonably broad set of 
procedures which have been found to be reliable for fabrication 
of the micromachined circuits. For more extensive reviews of 
silicon processing and micromachining, the reader is referred to 

Wolf and Tauber, (1986). 

Dielectric Membrane Growth 

The cornerstone of silicon micromachined, membrane-based 
transmission line architectures is the three-layer dielectric mate- 
rial on which the conducting lines are supported (see Figure 

120.4.) This membrane comprises a thermally grown oxide which 
is subsequently layered with a silicon nitride and another oxide, 
both of which are deposited using low pressure chemical vapor 
deposition (LPCVD). By properly balancing the thickness of each 
layer, a composite in slight tension is obtained which remains 
rigid when the silicon substrate is removed, and is robust enough 
to withstand subsequent processing such as photoresist applica- 
tion and metallization. Furthermore, membranes with dimen- 
sions up to 8 X 8 mm2 have been fabricated successfully with 

yields exceeding 95% (Weller et al, 1994a). 
The critical issue in achieving flat, large area membranes is 

determining the correct thicknesses of the constituent layers. It 

is known that the thermal coefficient of expansion tor amor- 
phous SiO; and Si-.X, are greater and les» than thai of silicon: 
The value tor silicon is 2.6 X 10"";C. and the value.» for high- 
temperature CVD oxide and nitride are 5 x 10" "C and 4-, 
X 10"7=C, respectively (Maissel and Glang. 1970). Therefore, 

bv adjusting the thickness of each layer, a net tensile stress can 
be left in the membrane when the wafer is cooled to room 
temperature from the 800-900°C temperatures in the LPCVD 
furnaces. High-yield membranes are obtained on 10cm diameter, 
500-550 micron-thick wafers using values of 7500A/500A/4500A 
for the thermal oxide, intermediate nitride, and top oxide layer 
thicknesses, respectively. A direct, experimental technique for 
determining the appropriate layer thicknesses is outlined in Ling 
(1993). The specific layer thicknesses given here have been slightly 

modified with respect to those given in Ling (1993). 
Detailed procedures for membrane fabrication are outlined 

in the following: 

• Pre-Furnace Wafer Clean: Prior to the thermal oxide 
growth, the wafers must be stripped and cleaned of all 
foreign materials to ensure a high-quality film and to 
prevent contamination of the furnace. The necessary steps 

are outlined in Table 120.1. 

• Thermal Si02 Deposition: The thermal oxide is grown 
using a dry-wet-dry sequence at a temperature of 1100°C 
and a pressure of 1 ATM, with the temperature held at 

800°C while transferring the wafers in and out of the 
furnace. The first and last dry oxide layers are dense films 
which are grown to thicknesses of 5-10 A using an oxygen 
flow rate of 3 L/min. The intermediate wet layer is grown 
using flow rates of 1.7 L/min for 02 and 2.5 L/min for 
H2, yielding a faster growth rate but more porous film in 
comparison to the dry layers. The time required to grow 
a 7000 Ä-thick oxide is approximately 3-4 hours. 

• LPCVD Si3N4 and Si02 Deposition: Following the thermal 
oxide growth, the wafers are moved to an LPCVD furnace 
for deposition of the intermediate nitride and the final 
oxide. The furnace temperature is approximately 900°C, 
and the growth rates are around 50 Ä/min and 70 A/min 
for the nitride and oxide, respectively. Specific parameters 

for this process are given in Table 120.2. 

Metallization Pattern Definition 

This section outlines the procedure for depositing the thin-film 
metallization which constitutes the circuit pattern onto the front 
side of the wafer (see Figure 120.5). The steps described here are 
primarily based on the image reversal photoresist technique. In 
this process, dark features on the circuit mask correspond to 
areas which will be metallized, and this generally simplifies the 
alignment procedure since most of the mask is transparent (a 
clear-field mask). Also, in comparison to alternative methods 
such as the chlorobenzene process, the image reversal method 
has been found to yield more ideal metal profiles. Results with 
the chlorobenzene process demonstrated a phenomena known 
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Figure 120.4   The tri-layer dielectric membrane grown on both sides of a silicon wafer. 

Table 120.1    Prefurnace Clean Procedure 

Time 

Solution Ratio TC (Min) 

H,0,:NH,OH:H,0 1:1:15 90 10-20 
H,0 quench 24 2 
HF:H,0 1:10 (Note 1) 24 1 
H,0 quench 24 2 
H,0,:HCL:H,0 4:4:25 90 10-20 
H,0 24 5 
H-O rinse w/N, bubbling 24 Note 2 
Spin in the rinser/dryer 24 5 

Note 1: When cleaning wafers with critical oxide layers, a 1:100 solution can 
be used instead. 
Note 2: The last rinse is continued until the bath resistivity exceeds 13-14 
MO-cm. 

Table 120.2    LPCVD Deposition Parameters. DCS Stands for 
Dichlorosilane 

Dielectric re Ingredients Flow Rates 
Layer (seem) 

Si.,N4 800 NH, 160 
DCS 40 

SiO, 900 N2 dilute 290 
N.O 120 
DCS 60 

METAL LAYER 

(e g , Cr-Au, Ti-Au, Ti-Pt-Au) 

as "lift-off flags," referring to metal profiles which have sharp, 
up-turned spikes at the edges of the pattern. 

Before starting the procedure, appropriately sized silicon pieces 
must be prepared. This involves dicing, or simply scribing, a 
whole wafer into smaller pieces, making sure that the edges follow 
straight lines along the <110> crystal directions (either parallel 
or perpendicular to the major flat). If this is not done it will be 
impossible to correcdy align the etch patterns with the crystal 
structure. This type of misalignment results in poor cavity defini- 
tion and undercutting of the etch masking layers. 

The circuit metallization sequence is as follows: 

• Wafer Preparation: For best results, the wafer should be 
thoroughly cleaned using a 1:1 "piranha" etch (a 1:1 ratio 
of H2S04:H202). The duration of the clean should be 
about 10 minutes, which is the approximate lifetime of 

the reaction. 

• Image Reversal: 

a. Clean the wafer with acetone and IPA. Dehydrate-bake 
for 3 minutes on a hot-plate at 130°C. Keep desired 
membrane surface face up. 

b. Spin-apply HMDS (hexamethyldisilazane) adhesion 
promoter and AZ 5214-E photoresist at 2.5 KRPM. 
This yields a photoresist thickness of approximately 
2.1 |xm. 

DIELECTRIC 
LAYER 

Si WAFER 

Figure 120.5   Circuit pattern deposited onto the front side of a wafer using thin-film application techniques. 
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c. Sott-bake ! minute at 105:C on a hot-piate. 
d. Align and expose tor 8 seconds at 20 mW/cm; ultravio- 

let light intensity (A = 405 nm;. To achieve success in 
the subsequent micromachinmg steps, the mask must 
be aligned to a straight edge of the wafer, such that 
the patterns to be etched into the front or back side 
can be correctly positioned along the <110> crystal 
directions. This step is made easier if the mask incorpo- 
rates long, straight alignment marks around the edge 
of the circuit area. These can be used to align the wafer 
via ©-positioning, and if necessary, the pattern can 
then be translated back to the center of the wafer using 

x and y positioning only. 
e! Post-bake 1 minute at 130°C on a hot-plate. This step 

causes the exposed photoresist to "cross-link," and leads 
to the formation of a thin crust on the upper surface. 

f. Flood-expose for 120 seconds at 20 mW/cm: UV power 
density. This long exposure activates the photoresist 

which was not exposed previously. 
g. Develop in AZ327MIF developer for 45-55 seconds. 

This removes the photoresist which was not exposed 
during the first alignment, and will also remove some 
of the photoresist beneath the edges of the cross-linked 
pattern. It is this undercutting that allows the subse- 

quent lift-off process to succeed. 
h. Check pattern definition of the evaporated metal using 

a microscope. 

• Metal Deposition: 

a. Descum the wafer using a 36 second, 80 W 02 

plasma etch. 
b. Deposit metallization using evaporation techniques. 

Metal systems such as chrome-gold, titanium-gold, or 
titanium-platinum-gold are resistant to wet etching 
using the EDP solution. Alternatively, if thicker layers 
are necessary to minimize attenuation, copper or silver 
may be used instead of gold to reduce fabrication costs. 
Most anisotropic silicon etchants attack aluminum at 
a substantial rate, and therefore Al should not be used 

in applications requiring long etch times. 
c. Soak in acetone for approximately 6 hours to dissolve 

the photoresist masking layer and complete the pattern 

lift-off. 

The process described has been verified for line dimensions 
down to 10 |xm, and evaporated metallization thicknesses up to 

1.2 u.m. 
Due to the slow spin-rate for the photoresist deposition, bead- 

ing will occur around the edges of the silicon piece, leaving up 
to 5 mm around the circumference which is non-usable. For 1-2 
u,m features, the beading should be removed using a technique 
such as that described in Gearhart (1994). Also, for metallization 

thicknesses up to 0.6 u.m, the AZ 5214-E can be spun on at 4.5 
KRPM. This provides about 1.4 u.m photoresist thickness and 
is better for feature sizes down to 3-5 u.m. Using this method, 
the first expose and flood expose times should be reduced to 4 

seconds and 90 seconds, respectively. 

It i5 important to point out that free-standing membrane> ot 

the tvpe described in Dielectric Membrane Growth can withstand 
the circuit metallization procedure. Therefore, the silicon micro- 
machining can precede the metal deposition n necessarv. In this 
case, photoresist application requires that the wafer should first 
be attached to a support wafer, separated by small silicon stand- 
offs (see Figure 120.6). The support/standoff/membrane wafer 
system can be temporarily assembled using a heavy photoresist 

"glue" such as 1400-37, and baked on a hot plate at 130°C for 
1 minute. This assembly will easily survive the photoresist spin 
and alignment steps, and can be separated during the photoresist 
development stage to simplify drying. Alternatively, the circuit 
wafer can be separated during the second hot plate bake by 
handling it instead of the support wafer. Some type of standoff 
arrangement is also necessary during the metal evaporation, to 
prevent membrane failure, since evacuation of the chamber cre- 

ates a high pressure differential across the membrane. 
For applications requiring thicker metallization layers, the 

evaporation technique can be supplemented with gold electro- 
plating. One method of implementing the plating process begins 
with the evaporation of Ti-Au-Ti or Cr-Au-Ti seed layers over 
the entire front (or back) wafer surface, using thicknesses of 
500Ä/1000Ä/500Ä, respectively. The photoresist is then applied 
and patterned using the image reversal technique. Alternatively, 
a 1400-37 positive photoresist process can be used to provide a 
thicker photoresist layer. This process requires a dark field mask, 
and is outlined in steps la-lh in the section on Silicon Microma- 
chining. The next step is to remove the exposed Ti in the pattern 
openings using a 10:1 H20:HF etch for 3-10 seconds. The metalli- 
zation can then be built up using electro-plating, and the Ti 
layer which remains outside the pattern will help to prevent 
lateral spreading of the plated Au. Finally, the photoresist is 
removed with an acetone soak or hot PRS-1000 photoresist strip- 
per. Unwanted seed layer metals are removed using gold and 

chrome etchants, and 10:1 H20:HF for Ti. 

Silicon Micromachining 
The technologies related to silicon micromachining began to 
emerge in the 1960s (Lepselter, 1966), and continued to evolve 
into what is currently a wide array of techniques aimed at manip- 
ulating silicon for mechanical purposes. The development of 
complex micro-electro-mechanical systems (MEMS), sensors, 

CIRCUIT WAFER 

SUPPORT WAFER 

Figure 120.6    Circuit-wafer/standoff/support-wafer assembly used for 
the photoresist process on free-standing membrane pieces. 
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and actuators has driven manv ot the signiticant advancements 
in this area, and a large volume ot" related work has been published 
in lournais on solid state electronics and processing. The micro- 
wave communitv, in which the use of micromachining is relatively 
new, now has the advantage of drawing upon these established 
resources to solve problems and develop new concepts for micro- 
wave circuits. 

The procedure which will be presented here is a very basic 
approach to bulk silicon micromachining using an anisotropic 
etchant. It relies on the use of a wet etchant such as KOH 
(potassium hydroxide) or EDP(Finne and Klein, 1967) (ethylene- 
diamine pyrocatechol) to remove silicon preferentially along cer- 
tain crystal directions, thereby allowing the formation of well- 
defined cavity regions. In the work considered here, wafers with 
a <100> orientation are typically used, and the etch rates are 
about 50:50:1 for the <100>, <110>, and <111> directions, 
respectively, using EDP at 100°C (see Figure 120.7). Similar ratios 
are achievable using KOH, however this is generally not the 

etchant of choice for dielectric membrane-related work since it 
etches silicon dioxide much faster than does EDP. The SiO: etch 

rate in EDP is approximately 5 A/minute, and in KOH the rate 
can be increased by an order of magnitude. Other masking films 
for EDP include Si3N4(Au, Cr, Ti, Ag, Cu, and Ta (Peterson, 1982). 

To describe the complete micromachining procedure, a typical 
process flow for single-side etching from the back of a wafer is 
outlined in the following. It is assumed that single-layer oxides 
or oxide/nitride/oxide layers are in place and will serve as the 
masking films for the etchant. 

• Wafer Preparation: 

a. Clean wafer with acetone and I PA. Dehydrate bake 
for 3 minutes on a hot-plate at 130°C. Keep desired 
membrane surface face up. 

b. Spin HMDS adhesion promoter and 1400-37 photore- 
sist at 3.5 KRPM onto the front (desired) membrane 
surface. This provides a photoresist thickness of 
approximately 3.5 u.m. 

c. Hard-bake 30 minutes at HOC0 in an oven. Alterna- 
tively, a 1 minute bake at 130°C on a hot plate can be 
used. This photoresist serves to protect the front side 
of the wafer during the proceeding masking layer 
removal steps. 

d. Spin HMDS adhesion promoter and 1400-37 photore- 
sist at 3.5 KRPM onto the back side of the wafer. 

<1 INDIRECTION 
S «■ 

<100> DIRECTION 

Figure 120.7    Etch profile for a (100) oriented silicon wafer using an 
anisotropic etchant. 

e. Sort-bake 30 minutes at 90"C in an oven. 
f. Align and expose the patterns to be etched into the 

silicon using a mask aligner and a dark-field photo 
mask, at an ultraviolet light power density ot 20 m\V; 
cm: for 15 seconds. The dark-field mask has openings 
in the emulsion or chrome which correspond to the 
areas where photoresist is to be removed, since 1400-37 
is a positive resist. The etch pattern must either be 
aligned to the <110> direction using the wafer edges, 
or to a pre-aligned front-side metallization layer using 
infra-red alignment techniques. 

g. Develop in MF319 developer using a 5:1 MF319:H:0 
solution for 60 seconds. 

h. Hard bake 30 minutes at 110°C in an oven. 

■ Masking Layer Removal 

a. Silicon dioxide masking layers can be removed using 
buffered hydroflouric acid (BHF). The etch rate is 

approximately 1000 A/minute at room temperature. 

b. Silicon nitride masking layers are removed with a CF4 

plasma etch. In this process, the etching chamber is 

pumped down to 75 mTorr and CF4 and 02 are then 
flowed in at about 20 seem and 0.5 seem, respectively; 
the CF4 flow rate is adjusted until the chamber pressure 
reaches 250 mTorr. After allowing the system pressure 
to stabilize, a 100 W RF plasma is ignited which will etch 
the nitride at a rate of approximately 700 A/minute. The 
photoresist masking layer described in the previous 
steps can safely withstand 11-12 minutes of the plasma 
etch, but etch durations should be closely monitored 
if thinner photoresist products (e.g., AZ5214) are 
employed. When removing the middle nitride layer of 
the tri-layer composite membrane described in Dielec- 
tric Membrane Growth, the integrity of the photoresist 
mask is critical for the final Si02 etch using BHF. The 
photoresist etch rate in the plasma can be as high as 
1500 A/minute. 

Silicon Etching with EDP 

a. Prepare the EDP solution by combining the following 
ingredients in a large glass beaker, in the order listed: 
96 mL of de-ionized H20, 96 gm of catechol, 1.8 gm 
of pyrazine, and 300 mL of ethylenediamine. (Different 
quantities of the solution can be mixed by proportion- 
ally adjusting the amount of each substance.) Cover 
the beaker tightly with heavy duty aluminum foil, place 
on a hot plate, and heat the solution to 110-112°C. It 
is convenient to use a thermometer probe with feedback 
to maintain a constant temperature. All mixing, heat- 
ing, and etching must be done inside a well-ventilated 
fume hood. 

b. While the EDP is warming up, the final masking layer 
removal steps should be completed to expose the bare 
silicon. For example, this might pertain to the BHF 
etch of the lower thermal oxide layer of the membrane 
described in Dielectric Membrane Growth. Any native 
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oxide growth will impede the etching process, and 
should thus be removed using a quick (30sec: BHF 
dip. Photoresist can also be stripped oft" using acetone 
and 1PA, since it will eventually come oft' in the EDP. 

c. Place the wafers in a Teflon holder and place the hoidsr 
in the heated EDP solution. Be certain to keep the 
beaker covered. The etch rate is approximately 1.2-1.4 
u.m/minute, and thus it takes 6.5-7 hours to etch com- 
pletely through a 500 u.m-thick wafer. These results 
pertain to fairly wide cavities (1-1.2 mm) and include 
the effects of "notching" (Findler et al., 1982), which 
refers to the increased etch rate along the cavity edges 
with respect to the rate in the center of the lower cavity 
surface. Narrower cavities, particularly those which 
come down to a point, tend to etch at somewhat 

higher rates. 
d. When the etching is complete, the samples should be 

rinsed in warm de-ionized water, acetone, and IPA for 
approximately 15 minutes apiece. The samples should 
then soak in warm methanol for 6-10 hours to com- 

pletely remove any EDP residue. 

In certain applications it is convenient to use a thin Cr-Au 
layer to mask the EDP. The metallization can be deposited using 
the image reversal and lift-off procedure outlined in Metallization 
Pattern Definition. Also, in situations where different parts of a 
sample need to be etched to different depths, a multi-step etching 
procedure can be employed (Drayton et al., 1995; Chi and Rebeiz, 
1994). In the first stage the masking layers are removed only 
from the areas which require the most etching, and the sample 
is placed in the EDP for a pre-determined amount of time. The 
sample is then removed from the EDP, cleaned with the water/ 
acetone/IPA/methanol sequence (using a shorter duration for 
the methanol soak), and the masking layer is then removed from 
the other desired etch regions. The sample is then placed back 

in the EDP solution to complete the etch. 

Backside Metallization 

With many of the micromachined circuit geometries, it is neces- 
sary to deposit metallization on the backside of the circuit wafer 
following the silicon etching procedure. In some cases this may 
simply entail metallizing the entire back surface, which is easily 
accomplished using evaporation or electro-plating. The process 
is somewhat more complicated for the membrane-supported 
microshield line, since the metal must be selectively deposited 
inside the lower shielding cavity. It is necessary to cover the cavity 
sidewalk and some portion of the backside of the membrane, 
to provide an RF short between the upper ground planes and 
the cavity. To prevent a similar shorting of the transmission 
line itself, however, the region beneath the slots in the coplanar 
conducting lines must be shielded from the metallization. This 
selectivity is achieved with the use of the "shadow" mask illus- 
trated in Figure 120.8. The mask is a silicon wafer that is processed 
along with the circuit wafer, and has openings etched into it 
through which the evaporated metal is allowed to pass. The 
shadow mask is correctly positioned on the backside of the circuit 

C1HO.TT 
WAFER 

SHADOW 
REGION ' 

SHADOW 
MASK 

4 

Tlrv 7\K 

-\ > 

ALIGN MtNT 
MARK 

SIM* Ali 

MEM! RANT 

Torsioe 
MfTALLtf.ATlON 

1ACH SIDf C* 
SILICON WAFER 

ALIGNMENT 
MARK 

CAVITY 
SDEWALL 

OWNING TO 
PASS EVAPORATED 

METAL 

Figure 120.8 
of the wafer. 
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Figure 120.9    Final circuit assembly. 

wafer using small alignment cavities that have been etched into 
each wafer, and temporarily attached using the photoresist adhe- 
sion technique described in the next section. The achievable 
resolution limit of this method is approximately 50 u.m. Follow- 
ing the metal evaporation, the shadow mask is removed by soak- 

ing the wafers in acetone. 

Circuit Assembly 

The final phase of the fabrication sequence generally involves 
the assembly of two to three stacked wafer pieces, such as the 
ground plane, circuit, and shielding cavity (Figure 120.9). Accu- 
rate positioning of each level mandates the incorporation of 
alignment mechanisms such as patterns in the metallization, and 
micromachined cavities in the silicon which are etched completely 
and/or partially through the wafer. These alignment marks should 
be considered in the first phase of the circuit design. 

Two convenient adhesives for bonding the wafers together are 
photoresist and silver epoxy. The photoresist technique is very 
useful for temporary assembly, and is common laboratory prac- 
tice for the purpose of making electrical performance measure- 
ments. Using this approach, small drops of a photoresist such 
as 1400-37 are applied to a wafer, and then two pieces are aligned 
under a microscope or mask-aligner. The assembled wafers are 
then baked on a hot-plate at 130°C for approximately 60 seconds 
to cure the photoresist. The wafers can easily be separated by 
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soaking them in acetone. The silver epoxv technique follows the 
same basic steps and will also provide electrical contact it neces- 
sary. After applying the epoxv, the waters are aligned and then 
baked in an oven at 100-12CTC for approximately 2 hours, form- 
ing an essentially permanent bond between the waters. The ele- 
vated cure temperature results in a high-conductivity contact. 

In some cases it is desirable to provide a path for the release 
of gases when completely enclosing a cavity. For example, when 
the lower shielding cavity of a membrane-supported geometry 
is sealed, the membrane may be slightly deformed during the 
cure of the adhesive. Gases can be allowed to escape either by 
leaving some part of the contacting wafer surfaces free from 
photoresist or silver epoxv, or by putting scribe lines in the 
ground plane which lead out from the inside of the cavity. Alter- 
natively, small air-holes may be etched into the ground plane 

wafer. 

120.4   Membrane-Supported 
Distributed Circuits 

The performance advantages of membrane supported transmis- 
sion lines can be clearly demonstrated by observing the character- 
istics of various distributed circuits which are common to planar 
microwave circuitry and MMICs. The broadband TEM propaga- 
tion afforded by membrane supported transmission lines permits 
a significant increase in performance levels for typical planar 
circuits such as filters, stubs, and power dividers. With conven- 
tional substrate supported designs, frequency dependent mecha- 
nisms such as radiation loss and dispersion may limit the 
operating bandwidth of distributed circuits, and may also serve 
to preclude their use for higher frequency applications. In the 

following sections, a summary of membrane supported distrib- 
uted circuits which have been fabricated at the University of 
Michigan will be presented. In all cases, measurements were 
made on a vector network analyzer (HP8510) and a Thru-Reflect- 
Line (TRL) calibration technique was employed to deembed the 
measurements to the reference planes of the circuits. 

are approximated bv short sections of high-impedance transmis- 
sion line, while low-impedance sections mimic the behavior ot 
shunt capacitors. These transmission line sections may be cas- 
caded to generate the required number of filter poles, and their 
lengths can be designed to produce either equal ripple iChebys- 
hev) or maximally flat (Butterworth) filter responses. The benefits 
of using membrane supported line for low pass filter applications 
are two-fold: first, the absence of the dielectric substrate ensures 
low passband insertion loss as a result of reduced dielectric and 
radiation losses; second, broadband TEM operation preserves 
the high frequency rejection of the filters, since performance 

degradation by higher order modes is avoided. 
With these benefits in mind, low pass filters have been studied 

using the microshield line geometry. First, a 5-section, 0.5 dB 
equal ripple, filter has been designed and measured from 10-40 
GHz (Weller et al., 1993c). As shown by the results presented in 

Figure 120.11, the filter has a cutoff frequenq' of 26 GHz and 

a rejection of -25 dB at 40 GHz. The passband insertion loss 

remains less than 1 dB up to 23 GHz. The measured response 

agrees very well with theory up to 40 GHz, and the theoretical 
data for higher frequencies have been plotted to show the filter 

performance up to 80 GHz. 
A microshield line low pass filter for W-band applications has 

also been designed (Robertson et al., 1994). This filter uses the 
same stepped-impedance geometry as discussed above, and is 
based on a 7-section, 0.5 dB equal ripple prototype. Once again, 
measured results are presented with theory (see Figure 120.12) 
and excellent agreement is achieved. The W-band filter has a 
cutoff frequency of 90 GHz, with pass-band insertion loss as low 
as 0.5 dB and out of band rejection better than 20 dB at 110 
GHz. Measured data is presented from 75-110 GHz, which cor- 
responds to the limitations of the test equipment, and theoretical 

data is shown for the frequency range of 40-140 GHz. 
During W-band measurements, data were taken that allowed 

the extraction of the effective relative dielectric constant (er,tff) 
of the microshield line from 75-100 GHz (Marks and Williams, 
1993). The graph of ewff in Figure 120.13 illustrates the very 

Low Pass Filters 
Perhaps the simplest example of a low pass filter is the stepped- 
impedance type of filter which uses short transmission line sec- 
tions to approximate the effects of a series-L/shunt-C configura- 
tion (see Figure 120.10). In this type of filter, series inductances 

Figure 120.10    Layout of a typical stepped-impedance low pass filter 
in a CPW type of geometry. 
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Figure 120.11 Measured S-parameters for a 5-section microshield low- 

pass filter. Theoretical data is from a method of moments full wave 

analysis (Pengelly and Schumacher, 1988). 
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Figure 120.13 Measured effective relative dielectric constant (er,cff) of 
a microshield line from 75-100 GHz (Robertson et al., 1994). 

minor influence of the membrane on the propagation character- 
istics of the microshield line. The presence of the dielectrics 
results in a value of 1.08 for e«ff, instead of the unity value that 
would be expected if the signal were propagating entirely in air. 
Also, very low dispersion is indicated, since the measured er,eff 

remains very nearly constant vs. frequency. 

Microshield Series Tuning Stubs 
The microshield geometry is also well suited for implementing 
series type resonant stubs commonly seen in CPW circuits. These 
types of stubs form the basis for the design of resonant circuits 
such as filters and matching networks. Generally, stubs which 
are incorporated into planar transmission lines perform better 
when they are printed in the center conductor of the line instead 
of in the ground plane regions on either side of the line. This 
performance benefit results mainly from reduced parasitic loss 

caused by radiation from the stub. 
Both open-end and short-end series stubs have been fabricated 

and measured at the University of Michigan (Weller et al., 1995b). 

The configuration tor a typical open-end series stub is shown 
in Figure 120.14a This stub has a bandpass response when the 
length is equal to \pM. and is useful in applications such as DC 
blocking and LO isolation. The measured response ol" an open- 
end series stub is given in Figure 120.1-1(a) along with theoretical 
response. The plot also shows the predicted radiation loss, which 
is below -25 dB throughout the first resonance of the stub. The 
short-end series stub is very similar to the open-end configura- 
tion, as shown in Figure 120.14b. This stub exhibits a band 
stop characteristic at it's first resonance, as demonstrated by the 

measured performance. 

Wilkinson Power Divider 
A Wilkinson power divider was the first microstrip circuit to be 
adapted to membrane technology (Weller et al., 1994b). Wilkin- 
son power dividers make use of a lumped element resistor which 
is placed between the two output signal lines and serves to provide 
an input match at all three ports of the network. In the case of 
a membrane supported circuit, it is convenient to choose a central 
impedance of 106 £2, so 73 il matching transformers are included 
at each port to match the divider to the 50 0 terminations. The 
layout of a 33 GHz divider, including the matching sections, is 
shown in Figure 120.15a; the thin-film resistor is fabricated by 
evaporation of titanium to a thickness of 400 A For measurement 
purposes, the power divider was mounted on an aluminum fix- 
ture to provide the lower ground plane of the circuit and to 
facilitate connection to other MMIC chips via wire-bonding. The 
fixture also included an upper shielding surface for the power 
divider, since it was determined that membrane microstrip has 
a tendency to radiate due to the lack of high dielectric material 
to concentrate the electric fields within the transmission line. 
The S-parameter measurements plotted in Figure 120.15 show 
that the power divider performs well, with better than 15 dB 
isolation between the two output ports. Analysis of the measured 
results indicates that the insertion loss for a single divider is 
approximately 0.2 dB, compared to results of 0.4-0.5 dB for 
conventional microstrip based circuits (Hamadullah, 1988). 

Lange Coupler 
Lange (1969) first reported a 3-dB interdigitated microstrip 
hybrid in 1969. Due to the advantages of broad-band, low-loss 
and tight-coupling available in his design, the use of the Lange- 
coupler (Figure 120.16) as a directional coupling scheme has 
gained popularity among microwave engineers since then. Also 
due to the perfect symmetry in the design, a Lange-coupler can 
provide a 90-degree phase difference between the direct port and 
coupled port over a very wide frequency range (Figure 120.17). 
Therefore, Lange-couplers have been widely used in balanced 
amplifiers, single-balanced mixers, image rejection mixers, and 
phase shifters designed to achieve both phase and amplitude 
balance. Usually Lange-couplers are designed on a high dielectric 
constant material such as Duroid or GaAs. At millimeter wave 
range, the losses from these dielectric materials start to increase 
and can disturb the performance of the Lange-couplers. However, 
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Figure 120.14    Measured S-parameters for open- and short-end series stubs in microshield line: (a) open-end series stub, (b) short-end series stub. 

with micromachining technology, Lange-couplers can be built 
on a thin dielectric membrane to reduce the dielectric loss and 
improve the performance of the coupler for millimeter wave 
applications. Based on this concept, a membrane micro- 
machined Lange-coupler has been built on a 350 u,m silicon 
wafer, as shown in Figure 120.18. Grounded coplanar waveguides 
(GCPW) are used as the input/output feeding structures in the 
design. Also, six fingers are used to increase the coupling between 
fingers. The Lange-coupler has been tested from 5 to 20 GHz and 
the measured results are shown in Figure 120.19a. The coupling 
bandwidth ranges from 7 GHz to 19 GHz with an isolation better 
than -18 dB and return loss better than -13 dB. The phase 
difference between the coupled-port and the direct-port is shown 
in Figure 120.19b. 

Resonators on Membrane 
In this section, the performance of stripline and microstrip reso- 
nators on thin dielectric membranes will be discussed. The 
microstrip and stripline resonators are fabricated on a 350 u.m- 
thick high-resistivity silicon wafer using the techniques discussed 
in Fabrication Methodology. The length of the meander resonator 
shown in Figure 120.18 is V2 at 13.5 GHz and its width is 500 
u,m. The metallization is gold electroplated to a thickness of 3 
u,m. The stripline resonator impedance is calculated to be 80.8 
Q and the microstrip resonator impedance is 104 £1 The resona- 
tors are coupled by 150 Lim gaps in the 50 fi feeding transmission 
line. The measured S2i of each resonator is shown in Figure 
120.19. The resonant frequencies for the stripline resonator are 
13.555 GHz, 27.365 GHz and 39.636 GHz (Figure 120.19a), and 

are not exactly integer multiples of each other because the gap- 
coupling capacitance changes with frequency (Chang et al., 1993). 
Also, the peak S>i increases with frequency from -25.8 dB at 
13.55 GHz to -10.4 dB at 39.36 GHz also due to the increase 
in the gap-coupling capacitance. The resonant frequencies for 
the microstrip resonator are 13.815 GHz and 27.163 GHz. No 
resonant frequency is seen at 39 GHz due to radiation loss. 
Table 120.3 shows the measured loaded-Q (QL) and the extracted 
unloaded- Q (Qu) of these resonators in stripline and micros- 
trip modes. 

As is evident in Table 120.3, the stripline Q increases as v / 
with frequency. This is an indication of conductor-loss limited 
performance and the absence of dielectric and radiation loss 
mechanisms. On the other hand, the microstrip line resonator 
suffers from radiation loss and its unloaded- Q decreases with 
frequency. The 13 GHz Qu is 235 for the microstrip resonator 
and is about 15% less than that of the stripline resonator due 
to a small component of radiation loss. At 27 GHz, the radiation 
loss component is comparable to the conductor-loss component 
resulting in Qu = 205 which is around half the value of the 
stripline resonator at this frequency. At 39 GHz, the radiation 
loss is very high and no Q-measurements could be done. It is 
possible to reduce the radiation loss by decreasing the height of 
the substrate or by increasing the width of the microstrip line. 

Interdigitated Bandpass Filters 

Micromachining has also been exploited to realize compact 
interdigitated filters for K-Band and Ka-Band (Chi and Rebeiz, 
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Figure 120.15 (a) Schematic of a membrane microstrip Wilkinson 
power divider, and (b) Measured S-parameters of back-to-back Wilkin- 
son power dividers fabricated on membrane. Isolation was measured 
between the two output ports of a single divider. 

1994). The interdigitated filter geometry, shown in Figure 
110.20(a), uses quarter wavelength resonators similar to the 
structure discussed above. The resonators are implemented in 
a stripline configuration and coupled together in a broadside 
manner. They are suspended on a membrane between two 
shielding surfaces, but in this case, the shielding enclosure is 
provided not by a separately machined metal fixture, but by 
micromachined cavities which are integrated into the filter 
design. This integrated machined cavity structure, as illustrated 
by the two-dimensional cross-section in Figure 120.20(b), 
allows the filter to be fabricated with very small dimensions, 
allowing its use for high-frequency applications. In addition, 

the filter design itself is very compact, and can be used to 
realize filters for a wide range of bandwidths. Another advantage 
of the interdigitated filter geometry is that the second passband 
occurs at three times the bandpass frequency. 

Synthesis of this filter is not easily accomplished using simple 
theoretical models, due to the effects of mutual coupling between 

multiple resonators, including non-adiacen: resonators As an 

alternative to complex and time consuming tull-wave analysis 
techniques, microwave modeling is used to iterativelv design the 
filter. The microwave model takes the form of a large scale replica 
of the micromachined filter which operates at S30 MHz. Since 
a pure TEM mode is excited within the structure, the measure- 
ments of the scale model provide a direct correlation to the 
performance of a miniature filter. .And since the scale model can 
be easily handled and modified, its design can be modified and re- 
measured with great speed. This allows the design to be optimized 
before fabrication of the miniaturized interdigitated filter is 

initiated. 
Measurements on the actual micromachined filter are per- 

formed through the use of grounded-CPW (GCPW) feed lines 

which enter the filter cavity through tunnels etched in the top 
wafer of the cavity assembly. Measured results from 2 to 40 
GHz are shown in Figure 120.21, and are compared to scaled 
measurements of the microwave model performance. The micro- 
machined filter exhibits a return loss better than -15 dB within 
the passband and a 1.7 dB port-to-port insertion loss at 20.3 
GHz. The filter response is predicted very well by the scaled 

response of the microwave model. 

Coupled Line Bandpass Filters 
The coupled line bandpass filter is a familiar structure which 
has found use in many applications that employ microstrip trans- 
mission line. It also utilizes the half-wavelength resonator struc- 
ture discussed earlier, but this type of filter cannot be used at 
higher frequencies since radiation losses and dispersion associ- 
ated with the dielectric substrate become so large that filter 
performance is severely compromised. With membrane sup- 
ported transmission line technology, however, coupled line band- 
pass filters which exhibit very high performance have been 
realized (Robertson et al., 1995). The geometry used for these 
filters is slightly different from previously discussed microstrip 
and stripline designs, however, in that it uses micromachining 
to precisely define the ground plane spacing for the microstrip 
line. Instead of relying on default wafer thickness to determine 
shield spacings, this structure employs micromachining to con- 
trol vertical dimensions which are specified by the electrical 
performance requirements of the circuits. An example of this 
type of micromachining is illustrated in Figure 120.22, in which a 
three wafer assembly comprises a shielded membrane microstrip 
circuit structure. The middle circuit wafer contains the mem- 
brane supported conducting lines of the structure, while the 
lower ground plane wafer provides the micromachined cavity 
which acts as a ground to the conducting lines. The third wafer, 
on top of the assembly, remains completely planar, and is used 
simply for shielding and enclosure of the circuits. Fabrication 
of the ground plane wafers uses the 2-sided etching technique 
discussed in Silicon Micromachining to include windows which 
allow for on-wafer measurements of the circuits. 

On-wafer probing is further facilitated by the use of GCPW 
probe pads which are required for the ground-signal-ground 
configuration of the probes. Since the filters are microstrip in 
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Figure 120.16   Photograph of a Lange coupler fabricated on a thin dielectric membrane. The membrane area appears lighter than the silicon areas. 
Note the use of air-bridge technology integrated onto the membrane. 
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Figure 120.17    Measured performance of a membrane supported Lange coupler, (a) Direct and coupled port transmission, input return loss, and 
isolation, (b) Phase difference between the two output ports. 

nature, a transition which utilizes a Klopfenstein impedance taper 
is used. This transition serves dual purposes of matching the 
50ft probe impedance to the 90ft microstrip impedance and 
rotating the electric fields from their horizontally opposed config- 
uration at the probe tips to a vertical orientation consistent with 

the dominant mode of microstrip propagation. 
Development of bandpass filters for W-band applications is 

not readily accomplished with conventional quasi-static synthesis 

techniques available for low frequency filter design. Full-wave 
analysis techniques must therefore be employed for accurate 
circuit simulation. These techniques are generally computation- 
ally intensive and time consuming, however, so a low frequency 
modeling approach like that discussed in Interdigitated Bandpass 
Filters is adopted. Experimental iteration of the circuit design 
can be easily accomplished with this method, and accurate results 
may be obtained. Several coupled line bandpass filters have been 
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Figure 120.18   Photograph of a resonator structure fabricated on a thin dielectric membrane to study the difference between microstrip and 
stripline quality factors (Q's). 
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Figure 120.19   Measured insertion loss of (a) stripline and (b) microstrip resonators fabricated on membranes. 

developed using a combination of full-wave analysis and model- 
ing techniques. They are all based on equal ripple Chebyshev 
prototypes, and an example of one of these filters is pictured in 
Figure 120.23. This photograph shows a narrow-band 5-section 
filter, including the transitions and probe pads used for on-wafer 
characterization. The shielding wafer has been removed to view 

the top surface of the circuit, and the membrane area of the 
circuit appears dark compared to the lighter gray silicon support 
rim. Figure 120.24 shows a graph of the measured S-parameters 
of this filter from 75-110 GHz. The filter performance is charac- 
terized by low passband insertion loss, very sharp roll-off, and 
good out-of-band rejection. This level of performance cannot 
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Table 120.3    Measured Values of Loaded-Q and Extracted Values 

of Unloaded-Q for Stripline and Microstrip Resonators. 

Stnphne Microstrir 

/c: (GHzi   /c; !GHzi   /,. IGHZI  /,, (GHz:  ;u; iGHzi 
13.555        27.365        39.636        13.185        27.16? 

o 258 331 304 155 110 
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1 
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1.71 
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1 
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0.88 
1.40 

Skin Depth ((i.mi 0.676 0.478 0.395 0.676 0.478 

aT(NP/cm) 0.0052 0.0073 0.0111 0.0060 0.0137 

R, (n/cm) 0.84 1.18 1.80 1.25 2.85 

Line Number 0        1 2        3 N      N+l 

Terroiniting 

Line 

Admittance 

YA 

y      y     be 

be duplicated easily with conventional substrate supported struc- 

tures, and can only be surpassed by expensive rectangular wavegu- 

ide designs. While the waveguide filters predictably show better 

performance than the planar filter, the advantages ot the planar 

filter in terms of cost, fabrication, and integrabilitv are significant. 

120.5    Conformal Micromachined 
Packaging   

Planar transmission lines such as microstrip, stripline, and copla- 

nar waveguide (CPW) have become conventional structures to 

use in the design of microwave and millimeter wave circuits due 
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Figure 120.20    Interdigitated filter (a) circuit layout, and (b) two-dimensional geometry used to realize membrane suspended resonators. 
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Figure 120.21    Measured response of the interdigitated membrane filter, shown with the scaled measurements of the microwave model. 
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Figure 120.22 Schematic cross-section of a shielded membrane micros- 
trip transmission line. The ground plane wafer and the circuit wafer 
are micromachined separately and then assembled with the metallized 
shielding wafer. 

to the flexibility provided in fabricating passive components with 
predefined electrical functions as well as the enhanced ease in 
mounting active devices. Although microstrip and stripline have 
been utilized the most in passive circuits, limitations in mounting 
active devices have made the use of coplanar waveguide more 
popular since its physical geometry provides inherit advantages. 
A commonly observed problem in many of these lines, however, 
is degradation in circuit performance that results when coupling 
mechanisms associated with parasitics are excited along with 
radiation effects that arise in dense circuit environments. In order 
to address the above concerns, the development of a transmission 
line geometry that offers electrical performance comparable to 
conventional ones, maintains ease in device mounting, and 
reduces undesirable coupling effects, is required. This can be 
obtained with independent shielding of specific circuit compo- 
nents that can be achieved using micromachining techniques. 

Since most high frequency circuit applications address devel- 
opment, modeling, fabrication and experimental characterization 
of systems prior to packaging, the effect of the housing on the 
electrical performance is very difficult to predict. As a result, the 
electrical response of many packaged circuits suffers significant 

performance degradation, mainlv attributed to the introduction 

of unwanted parasitics alone with the excitation ot multiple 

shielding resonances resulting from the interaction between the 
circuit board and metallic housing. To address the issue ot prox- 
imitv coupling and cavity resonances, monolithicallv integrated 

cavities can be developed which provide effective shielding to 
individual components while maintaining an overall geometry 

that is small enough to avoid the multiple resonance excitation 

in the range of operating frequencies. From a cost perspective, 

since conventional housing elements can be rather expensive and 

impractical to optimize for each generic circuit board, a solution 

toward cost minimization is easily achieved by using microma- 

chining techniques. Consequently, for system level designs where 

weight and volume reduction as well as controllable parasitics 

are critical issues, overall system costs are directly reduced using 

these techniques. 
Since micromachining techniques are well-established in sen- 

sor applications, a wealth of information has been discovered on 
various processing techniques. This has been especially useful in 

the extension of micromachining techniques from the MEMS 

arena to high frequency circuit design where emphasis is being 

placed on the development of self-packaged miniature circuit 
components used for high frequency systems. In the area of 

packaging such components, a completely shielded (or self-pack- 

aged) micromachined circuit has been developed that is excited 

by a traditional planar transmission line based on coplanar 

waveguide. This planar structure is surrounded by an air-filled 

cavity in the upper region and a substrate-filled one beneath the 

line as shown in Figure 120.25. To address the specific design 

issues of shielding and isolation, a variety of micromachining 

processes have been explored and studied to identify the approach 

that provides circuits with the best electrical performance at these 

frequencies. Demonstration of the concept of micromachined 
circuits for RF applications is given through simple circuit com- 

ponents such as a tuning stub and lowpass filter. These simple 
components have been developed and their performance has 

been measured and compared to conventional transmission lines 
(Drayton and Katehi, 1993c), in this case coplanar waveguide. 

Figure 120.23    Photograph of a 94 GHz coupled line band pass filter. The photo shows the metallized side of the membrane with the micromachined 
ground plane wafer removed. The darker areas of the picture indicate the thin dielectric membrane. 
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Figure 120.24 Measured response of a 5-section coupled line bandpass 
filter. The passband insertion loss is 3.4 dB, and the filter has a bandwidth 
of 6.1% centered at 94.7 GHz. 

Upper Cavity (air-filled) 

Lower Cavity (substrate-filled) 

time intensive, they are inappropriate to use pnmaniv a> design 
tools. Therefore, initial circuit design i> best achieved U.MIIC sim- 
pler quasi-static model such as Putt" Wedge et a!.. l^\ . With 
an entrv level circuit design, the specific circuit geometry is 
determined and then analyzed using full-wave analysis techniques 
to verify performance. Improvements on the circuit pertormance 
are obtained though an iterative method which fine tunes the 
circuit dimensions to meet the given design requirements. Figure 
120.26 shows a brief illustration of the procedures needed for 
realistic circuit development. In the circuit characterization part 
once the optimum design has been determined, fabrication is 
implemented using the procedures presented in Fabrication 
Methodology', and circuits are then tested to evaluate the overall 

circuit performance. 
The micromachined circuits presented have a shielding envi- 

ronment that has been monolithically integrated into a two- 

wafer system and is made of cavities in both upper and lower 

regions. As shown in Figure 120.25, the upper region consists 

of a metallized air-filled cavity while the lower region has a 
substrate-filled cavity of high resistivity silicon, er = 11.7, which 

is also metallized on the lower side. To measure the response of 
these circuits, grounded coplanar waveguide (GCPW) feeding 
lines are used followed by upper and lower cavities that are 
grounded through direct contact with the ground planes of the 
coplanar lines. Shielding is achieved by developing a substrate- 
filled cavity beneath the line on the lower wafer while an air-filled 
cavity is formed over the line in the upper wafer. Descriptions of 
the individual wafer layers used to construct the completely 
shielded micromachined circuit are discussed in the next 
paragraph. 

The lower wafer shown in Figure 120.27 consists of a high 
resistivity, single-side polished silicon wafer having a dielectric 
mask of silicon dioxide and a thickness of 350 p.m. To develop 

Figure 120.25 Three-dimensional cross section of micromachined lines 
where the shield and line are integrated monolithically. 

The development of micromachined miniature circuit compo- 
nents for high frequency applications has been separated into 
two parts. The first part concentrates on circuit development 
where the response of a given circuit is determined and the 
specific circuit parameters are designed to achieve that response. 
The second part concentrates on circuit characterization which 
includes fabrication, described in Section 120.3, and measure- 
ment of the electrical performance of the self-packaged circuits 
with comparisons to theoretical predictions. 

Design Approach for Micromachined Circuits 
High frequency self-packaged micromachined circuits are devel- 
oped in two parts: (a) circuit development and (b) circuit charac- 
terization. In part (a), theoretical predictions are made based on 
very accurate full-wave techniques (Kunz and Luebbers, 1993; 
Dib and Katehi, 1992; Mei and Fang, 1992; Betz and Mittra, 
1992; El-Shandwily and Dib, 1990; Sheen et al., 1990; Zhang and 
Mei, 1988; Mur, 1981). Since these are complex and computer 

Circuit Development 
Design using "Quasi- 
Static" CAD Tools 

Desired Response 
Achieved? 

Circuit Chameterizjuion 
YES 

Fabricate Circuit 

Test Circuit Response 

Analyze using 
"Full-Wave" Tools       L_ 

Iterate geometry 

Theory and Measured 
Response compare within 
performance margins? 

YES 

STOP 

Adjust fabrica- 
tion procedure 

NO 

D 

Adjust Circuit Model 
parameters 

Figure 120.26    Design procedure for micromachined circuits. 
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Figure 120.27 Lower Wafer Development. A. Transmission lines are 
printed on the top surface. B. Lower cavity is formed by etching v- 
grooves. C. Lower cavity grooves are metallized below the line forming 
direct contact to the upper ground planes. 
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Figure 120.28 Upper Wafer Development. A. Probe windows and align- 
ment marks (A-l) are etched from both sides while the upper cavity 
(A-2) is etched from one side only. B. The upper cavity is then metallized. 
C. Finally, the upper wafer sectional view after processing with the 
alignment marks (C-l), upper cavity (C-2) and the probe window (C-3). 

the circuits, the planar lines are printed and electroplated to a 
desired thickness of 3 u,m. With the circuits and alignment marks 
printed on the upper side, lower cavities are formed below the 
circuit surface by anisotropically etching the silicon away below 
the coplanar waveguide grounds to form a substrate filled cavity. 
Lastly, this cavity is metallized and electro-plated to achieve the 
desired thickness underneath the coplanar waveguide ground 

planes. 
The upper wafer, shown in Figure 120.28, is formed utilizing 

a double-sided process to define the cavity areas and probe 
windows required to shield the circuit and allow probing access 
to the individual components, respectively In this case, a 500 
u.m-thick, low resistivity silicon wafer with 7,500 A of thermally 
grown oxide on both sides can be used. To allow the sequential 
etching, this requires at least two masking layers, one must be 
metal in order to facilitate infrared alignment. This double sided 
sequential etching process results in mechanically strong wafers 
when multiple cavities are employed, (Figure 120.30) as a result 
of the structural beam developed in the probe windows. This is 
especially useful to increase handling ease during mounting of 

the upper wafer. 
Finally, integration of the upper shield to the lower shielded 

planar circuits is completed after alignment and attachment of 
the two wafers via the microscope using regular adhesion meth- 
ods (see Figure 120.30). In applications where only upper half 
shielding is required, fabrication is easily achieved by excluding 

the lower cavity formation. 

Experimental Validation and Discussion 

To characterize the circuits up to 40 GHz, state of the art measure- 
ment systems utilize on-wafer probing techniques to measure 
planar circuit geometries. Using an HP 8510B Network Analyzer, 
an Alessi probe station and Cascade Microtech ground-signal- 
ground probes with a probe pitch of 150 u.m accurate character- 
ization is obtained using TRL calibration (Maury et al., 1987; 
Strid and Gleason, 1989; Ensen and Haer, 1978). As a result, all 
transitions between the ANA and the newly defined shielded 
circuit reference plane are taken into account and removed from 
the circuit response. Simple discontinuities have been imple- 
mented to show the realization of conventional circuits in a 
micromachined configuration. Two elements of interest are the 
series open-end stub and stepped impedance low-pass filter which 
are basic elements to many high frequency circuits such as filters, 

switches, RF blocks, etc. 
The series open-end tuning stub has physical dimensions shown 

in Figure 120.31. Comparison between measurements and full 
wave analysis results is shown in Figure 120.32. As observed from 
this figure, the theoretical and experimental results exhibit a shift 
in the resonant frequency of about 6.9% since the micromachined 
circuit resonance occurs at 29 GHz compared to the 27 GHz 
response of the modeled circuit. Although the overall circuit 
performance is similar, the discrepancy in the resonant frequency 
can be attributed to the variations between the modeled circuit 
and the actual one fabricated and measured. The resonant fre- 
quency is affected by the fart that the measured line length 
behaves electrically shorter since there is rounding of the corners 
and edges of the stub fingers caused during fabrication, which 
is not accounted for in the model. In addition, metal thickness 
has been neglected although it has been found to contribute 
considerably to frequency shifts (Heinrich, 1990). Lasdy, the 
difference in the magnitude between measurement and theory 
may be attributed to the fact that the theoretical model assumes 
a lossless system while in reality the circuit has both conductor 

and dielectric loss. 
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Figure 120.29    Photograph of circuit from top view where the probe windows are shown in relation to the transmission line wafer. 
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Figure 120.30    Completely shielded micropackaged circuit with lower 
and upper wafer alignment. 

A five-section stepped-impedance lowpass filter, designed as 
shown in Figure 120.33, has high and low impedances of lOOfl 
and 20Ü respectively and is surrounded by the cavity structure 
described above. In Figure 120.34, measurements are shown and 
compared to theoretical results derived from quasi-static models 
where conductor and dielectric losses are included. Regarding 
conductor losses, care was taken to incorporate the specific metal- 
lization thickness and the appropriate surface resistivity corres- 
ponding to the various sections of microstrip line widths (van 
Dei enter, 1992). To realize 100 and 20 ohm impedance steps, 
20 u.m and 380 u.m wide conductor lines are used with slot 

g = 48 

Figure 120.31 Series open-end tuning stub circuit dimensions in 
microns. 

widths of 210 u,m and 30u,m. The total loss in the system, plotted 
in Figure 120.35, shows good agreement between theory and 
measured results thus confirming the effectiveness of the micro- 
machined integrated shield and the elimination of loss associated 

with radiation effects. 
To illustrate the effectiveness of the integrated shield, a lowpass 

filter with a series inductance is shown in Figure 120.36 where 
a comparison is made between the conventional coplanar wave- 
guide circuit and the micromachined one. The performance of 
the grounded CPW circuit is affected by the excitation of substrate 
modes which add constructively and destructively to provide the 
ripple shown in the high-frequency end of the band. In this case, 
the effects are observed outside of the lowpass filter band while 
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Figure 120.32    Measured vs. FDTD results for the micromachined 
shielded series open end stub. 

100 ft 

Figure 120.33 Dimensions of a 5-section stepped impedance lowpass 
filter having low impedance sections of 20 ohms and high impedance 
sections of 100 ohms. 

in other filters, such as bandpass ones, the ripple could occur 
within the band. By choosing appropriate cavity dimensions in 
both regions of the micromachined shielded configuration, the 
effects of substrate modes are eliminated and the electrical 
response of the circuit in terms of the input reflection and the 
transmission coefficients are not affected by parasitic radiation 
but reveal the true characteristics of the circuit component itself. 

Simple circuit geometries described above used in conven- 
tional planar line designs have been implemented in micromach- 
ined form; namely, a series tuning stub and a stepped impedance 
lowpass filter. The results show that micromachining offers great 
design flexibility to high frequency applications, while preserving 
electrical performance. The development of micromachined cir- 
cuits for miniaturization includes highlights of the design fabrica- 
tion required followed by measured results compared to quasi- 
static and full-wave theoretical ones. The resulting data presented 
prove that monolithic integration of the shield using microma- 
chining techniques allows for the development of circuit compo- 
nents that offer comparable performance to conventional circuits. 
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Figure 120.34 Comparison of reflection (a) and transmission (b) coef- 
ficient between the PUFF model and measured results for a 5-section 
stepped impedance lowpass filter. 

120.6   Micromachined Lumped 
Elements 

Planar lumped inductors and capacitors are used in most micro- 
wave active and passive integrated circuits as matching elements, 
bias-chokes and filter components. For frequencies below 12 
GHz, these lumped elements are smaller than their transmission 
line equivalent circuits, and exhibit low-loss and wide bandwidth 
(Pucel, 1981; Alley, 1970). Recently, planar inductors have been 
used at 26—40 GHz and their equivalent model has been calculated 
using a full-wave electromagnetic solution (Abdo-Tuko et al., 
1993). Still, the planar inductors show a large parasitic capaci- 
tance between the top metal and the ground plane which results 
in a resonant frequency between 16 and 30 GHz. The planar 
interdigitated capacitors also suffer from a large parasitic capaci- 
tance to ground which affects their performance as true lumped 
element series capacitors (Esfandiari et al., 1983). 
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Figure 120.35   Loss comparison between the PUFF model and mea- 
sured response for a 5-section stepped impedance lowpass filter. 
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Figure 120.36 Comparison between a conventional CPW and micro- 
machined shielded circuit having a lowpass filter (described above) con- 
nected through a half-wave length 50 ohm line to a series inductive line. 
The 50 ohm line has center conductor (s) and slot widths (w) of 180 
and 130 microns, respectively and the inductive section has s and w 
dimensions of 20 and 210 microns, respectively, with a length of 65 

The problems associated with the parasitic capacitance in pla- 
nar microstnp inductors and capacitors can be solved by integ- 
rating them on a small dielectric membrane. The thin dielectric 
membrane is defined underneath the lumped element and does 
not affect the propagation properties of the microstnp line. The 
membrane is mechanically stable and is compatible with MMIC 
fabrication techniques as discussed in Fabrication Methodology. 
The planar inductors and capacitors are suspended in free-space 
and the quasi-static parasitic capacitance to ground is reduced 
by a factor of €r (e, = 11.7 for high resistivity silicon). Also, for 
the planar inductor, the quasi-static parasitic capacitance between 
the lines is reduced by a factor of (1 -r er)/2 since half the electric 
fields are in air and half the fields are in the dielectric (Gupta 
et al., 1981). This reduction in the parasitic capacitance increases 
the resonant frequency of the inductor without changing the 
inductance value and the associated series resistance. The applica- 
tion areas of the micro-machined planar inductors and capacitors 
are in compact phase-shifters, filters, wide band matching net- 
works, and bias circuits for amplifiers, doublers and mixers at 

millimeter-wave frequencies. 

Microwave Measurements: Inductors 

Two planar microstrip inductors were fabricated on a 355 (xm- 
thick high-resistivity silicon substrate. Identical inductors using 
the same masks were also fabricated on a 1.2 (xm-thick dielectric 
membrane using the micro-machining technique outlined pre- 
viously. The membrane edge is aligned with the physical edge 
of the inductor as shown in Figure 120.37. The microstrip line 
is 1 ^in-thick electroplated gold and the air-bridge dimensions 
are 250 u,m X 40 u,m and it is supported by 2 u.m high posts 
made of electroplated gold. A photo of two completed inductors 
and their equivalent model are shown in Figure 120.38 and Figure 
120.39. The microstrip inductor dimensions are outlined in Table 
120.4 and are designed to yield an inductance value of 1.09 nH 
and 1.69 nH by using the following equation from (Gupta et 

al., 1981): 

Ls(nH) = 0.01 AN27r[ln(8A/q (120.1) 

+ (l/24)(C/A)2ln(8A/C+ 3.583) - 1/2] 

where A=(DO+ DI)I4, C=(DO- DI)/2 (see Figure 110.37), 
A and C are given in "mils" (1 mil = 25.4 u.m) and N is the 

number of turns. 
The TRL calibration routine is used to measure the loss of 

the 50 £1 microstrip line on a high resistivity silicon substrate 
(2000 fl-cm) which is attached to the lumped inductor. The 
microstrip line is 1 u,m long on each side of the inductor and 
exhibits a loss of 0.2 dB/mm from 3 GHz to 20 GHz. This implies 
that the loss of the microstrip line is dominated by dielectric 
loss in the substrate. The microstrip line loss is modeled as a 
matched attenuator {Rh R2, R}). The reference plane for the 
inductor measurements is defined at the outer limit of the induc- 
tor geometries or simultaneously at the edge of the membrane 

(Figure 120.37). 
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Figure 120.37   Layout of the planar inductor and the membrane outline. The membrane is defined only underneath the lumped element inductor 

(or capacitor). 

First, inductors I,s and I,s. which were built on a high resisti- 
vity silicon substrate, are measured from 3 GHz to 20 GHz. 
Then, the EE^f-Touchstone optimization routine is used to fit 
the equivalent circuit model to the measured S-parameters of 
these two silicon inductors. The measured and modeled S-param- 
eters of these two inductors are plotted on a Smith chart in 
Figure 120.40. The equivalent values of L„ R,, Cr C, for inductors 
Lls and L1S are summarized in Table 120.5. It is seen that the 
equivalent inductance agrees quite well with Equation 120.1 and 
the resonant frequencies are 22 GHz and 17 GHz for a 1.2 nH 
and a 1.7 nH planar microstrip inductor, respectively. 

To predict the behavior of the membrane inductors, the same 
equivalent circuits used in the silicon inductors are borrowed 
here. However, a slight modification of the equivalent circuits is 
required before they can be applied to the membrane inductors. 
In the equivalent circuit, Cp represents the parasitic capacitance 
between the spiral inductor and the bottom ground plane. From 
the quasi-static point of view, the capacitance value of Cp depends 
on the dielectric constant of the substrate. After the silicon sub- 
strate has been etched away, the dielectric material between the 
spiral inductor and ground plane becomes air only, which means 
the value of Cp should be reduced by a factor of er (er = 11.7). In 
the above equivalent circuit, Q accounts for the mutual coupling 
between the inner turns of the spiral inductor. Furthermore, 
since half of electric field is in the air and the other half is 
confined in the substrate, the value of Cs need to be reduced by 
a factor of approximately (1 + £r)/2 in the membrane inductor 

cases. The inductance Ls and the resistance R, are not changed 
since the membrane and silicon inductors have identical geome- 
tries and they are independent of the substrate. The new equiva- 
lent circuits for membrane inductors appear and their values are 
shown in Table 120.5. Good agreement has been achieved 
between the measured S-parameters for membrane inductors 
IIM. U.U and the new equivalent circuits derived from L1S and 
las following the procedure discussed above. Both the measured 
and modeled S-parameters for the membrane inductors are plot- 

ted on a Smith chart in Figure 120.41. 
The measured and modeled 3 GHz to 20 GHz reactance (X) 

of the inductors on a thick silicon substrate (I,s, hs) and the 
inductors on a thin dielectric membrane (LlM, L2M) is shown in 
Figure 120.42. It is seen that the measured reactance (X) of 
the membrane inductors (I,M, L2M) agrees well with the simple 
equivalent model (3 GHz to 20 GHz). The resonant frequency 
of the membrane inductors is pushed to around 70 GHz and 50 
GHz for a 1.2 wHanda 1.7 nH inductor, respectively. The parasitic 

capacitances are very low for the micro-machined inductors (Cr 

Cs = 2-4 iF) and the membrane inductors can be used as "true" 
inductors up to 40-60 GHz. The model takes into account only 
the quasi-static capacitance of the lumped inductor and neglects 
the transmission-line effects of the pyramidal cavity underneath 
the lumped inductor and the radiation loss from the air. At mm- 
wave frequencies, the membrane inductors may result in lower 
resonant frequencies as predicted above due to non quasi-static 

effects (high-order modes). 
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Figure 120.38    (a) A photo of the micromachined inductors LlM(fop left) and L2M(fop right) on a small dielectric membrane, (b) A picture of 
L1M. This picture was taken from the backside of the wafer. 

The micromachined inductors behave exactly the same way 
as the standard planar microstrip inductors at microwave fre- 
quencies. Therefore, it is expected that the micro-machined 
inductor will exhibit a similar Q at microwave frequencies. A 
small LC series filter composed of a membrane inductor of value 
0.9 nH (with a series resistance, R, = 1.2 or 1.3 O) and a chip 
capacitor of value 1.2 pFwas fabricated. The chip capacitor is a 
surface mount MIS type capacitor (Metelics MBIC-1002) and 

has a very high Q up to 12 GHz, and its effect on the measured 
Q is neglected at 4.3 GHz. The measured Sn of the series LC 
combination demonstrates a quality factor of Q = 20 at 4.3 GHz 
for the membrane inductor and is close to the expected value 
from the equation Q = w0 L/Rs (Figure 120.43). The measure- 
ments include the effect of the bond wires used to connect the 
silicon substrate to the coaxial connectors (!;,„. ~ 0.1 nH). The 
associated Q of membrane inductors is expected to increase as 
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R1=0.58Q   R2 = 2171Q   R3 = 0.58Q 

Figure 120.39 The equivalent circuit model of the spiral inductors. A 
0.2 dB attenuator is placed at each end to model the loss in the 50 ft 
microstrip line on the high resistivity silicon dielectric substrate. 

Table 120.4 Physical Dimensions and the Corresponding 
Calculated Inductance Values for the Spiral Inductors. All 
Units are in u,m (see Figure 120.37) 

Components Dl DO IV S N L,(nH] 

254 

101.6 

406.4 

406.4 

25.4 

25.4 

50.8 

50.8 

1.5 

2.5 

1.09 

1.69 

Table 120.5    Modeled Values of Rr U Q> Cp for Spiral Inductors 
and Membrane Substrate (see Figure 120.41). 

Components R,(il) L,(nH) CM CP(fF) 

U, 3 1.2 10 33 

L\st 3 1.2 2 2.5 

Li, 5 1.7 6 45 

L%M 5 1.7 1.2 4 

L1S 

1.0 

^ f with frequency .because the series resistance increases as 

„ ?(Gupta et al.. 1981). iDalv et al. 19o7' to vieid a 0 of 3f'-fl> 

at 30-40 GHz. 

Microwave Measurements: Capacitors 

A similar fabrication technique was applied to planar interdig- 
itated capacitors. In this case, the planar capacitors do not suffer 
from a low resonant frequency but from a relatively large shunt 
parasitic capacitance to ground (Cr). During modeling the para- 
sitic capacitance to ground is generally included with the interdig- 
itated series capacitance (Q. However, it is advantageous to 
eliminate this parasitic capacitance to result in better millimeter- 
wave filters, phase shifters and matching networks. The micro- 
machined membrane approach reduces the parasitic capacitance 
by a factor of er. However, in this case, it also reduces the 
interdigitated series capacitance by a factor of (1 + er)/2. 

Eight finger and four finger interdigitated capacitors were 
fabricated on a high resistivity silicon substrate and on a mem- 
brane. A photo of these two membrane capacitors is shown in 
Figure 120.44. The capacitor finger is 355 u.m long and is 25 
u.m wide. The gap between the fingers is also 25 u,m wide. The 
measured S„ from 7 to 20 GHz for the capacitors are shown 
in Figure 120.45. It is seen that the membrane interdigitated 
capacitor (of value around 110 /F for the eight finger capacitor 
and 55 fF for the four finger capacitor) follows the 1-R line 
on the Smith chart as expected from a capacitor in series with 
a 50 fl load. The interdigitated capacitor on the silicon dielectric 
shows a large shunt capacitance effect due to the parasitic 
capacitance to ground. The measured Sn of the capacitors on 
the silicon substrate agree very well with published results 

L2S 

1.0 

Figure 120.40   Measured and modeled S-parameters of silicon inductors (a) L1S and (b) L2S- Frequency sweep from 3 GHz to 20 GHz. 



is:: trr.c'Zir.i iCinnjiogic 

L1M L2M 

Figure 120.41    Measured and modeled S-parameters of membrane inductors (a) L,M and (b) l2M. Frequency sweeps from 3-GHz to 20 GHz. 
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Figure 120.42    Measured and modeled reactance (X) of inductors (a) L, and (b) L2. Frequency sweeps from 3 GHz to 20 GHz. 

of similar capacitors on GaAs substrates (Esfandiari, 1983). 
Compared with dielectric supported capacitors, it is seen that 
the micro-machined membrane capacitors demonstrate much 
better performance at microwave frequencies. The quality factor 
of the membrane capacitors was not measured at microwave 
frequencies but is expected to be larger than the corresponding 
capacitors on the silicon substrate due to the absence of the 
dielectric losses. 

120.7   Conclusions 

The previous sections have outlined the progress to date on 
implementing distributed microwave circuit elements such as 
filters and tuning stubs in membrane supported transmission 
line geometries. At low frequencies, these membrane supported 
elements exhibit improved performance over their substrate 
based counterparts due to the elimination of parasitics and losses 
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Figure 120.43 Measured and modeled Sn of a small LC filter. This 
filter shows that the 0.9-nH membrane inductor has a quality factor 

of 23.3 at 4.38 GHz. 

15" 

associated with the dielectric material. At higher frequencies 
problems associated with the substrates make conventional 
approaches unfeasible, and membrane supported components 
offer the only planar alternative to costly waveguide-based 
approaches. Membrane supported transmission lines and circuit 

components have been shown to perform very well in frequency 

bands all the way up to W'-band (110 GHz). Circuits commonly 
used in CPW implementations are shown to have superior perfor- 
mance when realized with membrane supported transmission 
lines like microshield line. Low pass filters and resonant stubs 
have been measured up to 40 GHz with excellent results, and 

microshield line low pass filters have been tested as high as 110 

GHz. Micromachining has also opened the doors to techniques 

for fabricating circuits that were previously restricted by cumber- 

some machining processes. Interdigitated filters were thought to 

be limited to very low frequencies where they could be manufac- 

tured using mechanical techniques, but membrane technology 

has allowed them to become high performance alternatives at 30 

GHz. Planar millimeter-wave microstrip inductors and capacitors 

have been developed and fabricated on a high-resistivity silicon 

substrate using micromachining techniques. This micro-machin- 

ing technique is compatible with via-hole technology in GaAs 

and InP MMIC processes. The micro-machined spiral inductors 

and interdigitated capacitors are suspended on a thin dielectric 

membrane to reduce the parasitic capacitance to ground. Since 

the parasitic capacitance to the ground can be reduced by a factor 

of er, it renders a much higher resonance frequency in this 
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Figure 120.44   A photo of the interdigitated membrane capacitors. 
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Figure 120.45 Measured S,| of eight-finger and four-finger interdig- 
itated capacitors on both membrane and silicon substrate. Frequency 
starts at 7 GHz and stops at 20 GHz. 

membrane structure compared to their Silicon/GaAs counter- 
parts and makes this technology' very attractive at millimeter- 
wave frequencies. This technique can also be applied to lumped 
elements in coplanar-waveguide transmission lines and micro- 
machined filter design. 
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ABSTRACT 

This paper presents the use of selective lateral etching based on micromachining techniques to 

enhance the performance of rectangular microstrip patch antennas printed on high index wafers, 

such as Silicon, GaAs and InR Micromachined patch antennas on Si substrates have shown supe- 

rior performance over conventional designs where the bandwidth and the efficiency have 

increased by as much as 64% and 28%, respectively. In this work, the silicon material is removed 

laterally underneath the patch antenna to produce a cavity that consists of a mixture of air and 

substrate with equal or unequal thicknesses. Characterization of the micromachined patch antenna 

is presented herein and includes a discussion on the bandwidth improvements, radiation patterns 

and efficiency of the patch. In addition, antenna placement on the reduced index cavity with 

respect to the high index substrate is described to achieve efficiency improvements over conven- 

tional patch antennas. 
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I. INTRODUCTION 

Microstrip antennas are used in a broad range of applications from communication systems 

(radars, telemetry and navigation) to biomedical systems, primarily due to their simplicity, con- 

formability, low manufacturing cost [1] and enormous availability of design and analysis soft- 

ware. As system requirements for faster data transmission in lighter compact designs drive the 

technology area, higher frequency design solutions with large density layouts require integration 

of microwave devices, circuitry and radiating elements that offer light weight, small size, and 

optimum performance. Compact circuit designs are typically achieved in high index materials, 

which is in direct contrast to the low index substrates imposed by antenna performance require- 

ments. The ideal solution requires the capability to integrate the planar antenna on electrically 

thick low index regions while the circuitry remains on the high index regions in the same sub- 

strate. In the past, this requirement was satisfied by selecting the substrate that offers optimum 

component performance; unfortunately this led to hybrid integration schemes and high develop- 

ment cost. As the frequency increases, however, this approach becomes increasingly difficult and 

costs are prohibitively high. Microstrip patch antennas printed on high index substrates are revis- 

ited in this work with the primary objective to develop design solutions that can be integrated into 

monolithic circuit layouts while enhancing antenna performance. 

Microstrip antenna designs show significantly degraded performance due to the pronounced exci- 

tation of surface waves in high index materials. As a result, the antenna has lower efficiency, 

reduced bandwidth, degraded radiation patterns and undesired coupling between the various ele- 

ments in array configurations. Optimum antenna performance depends on the choice of dielectric 

material as well as the choice of feeding network and is achieved when the radiated power occurs 

primarily as space waves with little or no components of "undesired" surface waves. Such micro- 

strip designs are typically fabricated on electrically thick, low index materials and characterized 

by maximum antenna bandwidth and efficiency as reported by a vast number of theoretical and 

experimental researchers. 
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Only a few experimental approaches have been put forth to resolve the excitation of substrate 

modes in microstrip antennas. In 1984, a substrate-superstrate configuration [2] using a horizontal 

antenna element showed an increase in the radiation efficiency. Superstrate materials such as 

GaAs or Si, however, require a very thin substrate thickness that yields exceedingly small values 

of radiation resistance. In the past three years, researchers have begun to use physical substrate 

alterations as a means of perturbing the surface wave excitation. Circular patch designs in duroid 

[3] are based on the choice of an appropriate patch radius to suppress the excited surface waves. 

Given the patch radius for a desired operation frequency, the antenna is forced to resonate at the 

first higher order mode (TM^o) rather than the dominant (TMj 10) one. Other approaches rely on 

suspending the rectangular patch over an air cavity through the use of a membrane or over closely 

spaced periodic holes in the substrate (either drilled or micromachined) [4, 5]. In both cases the 

radiation efficiency is increased and antenna patterns are improved considerably as a result of the 

elimination of surface wave propagation. Herein, an approach different from the ones described 

above is followed which does not require the use of holes or dielectric membranes [6-8]. In this 

study, material is removed underneath the antenna by using selective etching techniques and the 

excitation of surface waves is suppressed by creating a micromachined cavity as shown in 

Figure 1, that produces a low permittivity environment for the patch antenna. 

The micromachined planar antenna design can be integrated on the same wafer with Si and GaAs 

ICs without affecting circuit requirements. In order to demonstrate the capability of a microma- 

chined antenna to be integrated effectively with circuits, an example of a microstrip patch fed by a 

microstrip line is studied. More specifically, the antenna is printed on a cavity region that is com- 

prised of two dielectric sections: (a) air and (b) silicon substrate. Using micromachining tech- 

niques, silicon is laterally removed from the cavity region producing a silicon area that has 

thickness less than or equal to 50% of the original substrate thickness and an air region that is cre- 

ated by the removal of material. Described herein is the characterization of a silicon microma- 

chined patch antenna. In order to characterize the patch, a cavity model is used to estimate the 

reduced effective dielectric constant while bandwidth and radiation patterns are measured to eval- 
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uate the antenna's performance. Lastly, evaluation of the antenna's efficiency using available test 

equipment is achieved by fabricating and measuring a duroid-based scaled model. 

II. Micromachined Patch Antenna 

To integrate patch antennas into circuit designs on high index substrates without losing the advan- 

tages of low index materials, the regions in the substrate which will house the radiating elements 

must have low index of refraction. This is achieved by using micromachining to eliminate a por- 

tion of the substrate material (see Figure 1). The micromachined antenna configuration consists of 

a rectangular patch centered over the cavity, sized according to the effective index of the cavity 

region and fed by a microstrip line. To produce the mixed substrate region, silicon micromachin- 

ing is used to laterally remove the material from underneath the specified cavity region resulting 

in two separate dielectric regions of air and silicon. In this work, the amount of silicon removed 

varies from 50-80% of the original substrate thickness underneath the patch and a cavity model is 

described in the next section to provide an estimate of the reduced index value. The walls of the 

hollowed cavity are in general slanted due to the anisotropic nature of the chemical etching. In 

Section B, the scattering parameter measurements illustrate the antenna's bandwidth while field 

patterns indicate the radiated power. 

A. Calculation of Reduced Dielectric Constant 

A cavity model is used to predict the effective dielectric constant of the mixed air-silicon region 

for varying thickness ratios underneath the patch antenna. A quasi-static model, based on series 

capacitors, is used to determine the patch capacitance in the mixed region (Figure 2a): 

C-^. (!) 

where eeff = ereffe0. For simplicity the walls of the cavity are asumed to be vertical and the 

effective dielectric constant (Ereff) is estimated by the following expression: 
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Ereff        Ecavity 

L + 2AL-i^_el 
e "cavitv 

L + 2AL 
(2) 

£fringe  _     eair+ vesub     £air'xair 

, ^cavity       £air     ^£sub ~ £air-'Xfringe 
where (3) 

e 
£air£sub 

cavity       -      , (F      _P    w 
cair T vcsub    cair'Aair 

In the above expressions, ecavity represents the relative dielectric constant of the mixed substrate 

region and £fringe represents the relative dielectric constant in the fringing fields region. 

Equation (2) includes the open-end effect extension length AL to the antenna which can be found 

from [9], where £fringe is the permittivity used for the calculation of AL. The thickness parameters, 

x^j. and Xfrjngg, are ratios of the air to full substrate thickness in the mixed and fringing field 

regions, respectively. For the silicon micromachined case shown in Figure 2a. 1 Xf^gg is taken as 

zero, whereas for the case of Figure 2a.2 Xfrjnge=xair 

A plot of the theoretical and measured effective dielectric constant versus the air gap thickness for 

silicon substrate (e^ll.7) can be found in Figure 2b, where an effective dielectric constant of 

approximately 2.2 is achieved for a mixed air-silicon ratio of 1:1 using the capacitor model (eq. 

(2) with AL=0) and 3:1 ratio for the capacitor model with AL extension length (eq. (2) with AL 

calculated from [9]). The dimensions for the micromachined patch that was used to produce the 

results of Figure 2b can be found in Table 1 (parameters a,b and c are actual values since the walls 

are assumed vertical). Included also in Figure 2b is a data point based on the finite difference time 

domain model of the micromachined patch geometry. The FDTD calculation was based on a 3-D 

full-wave scheme that yields the return loss of the micromachined antenna and the effective per- 

mittivity of an 1:1 air-silicon substrate for a range of frequencies. Once the resonant frequency is 
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determined from the return loss, the effective permittivity of interest is found. Only one case of 

air-silicon substrate ratio has been simulated with FDTD in order to validate the quasi-static 

results for the effective dielectric constrant of the antenna that was fabricated and tested. Regard- 

ing the measured ("micromachined") data point of Figure 2b, the resonant frequency of the fabri- 

cated antenna was measured and [10] was used to extract the dielectric constant of the substrate 

for a patch having the same dimensions as the measured one. In the following sections, more 

extensive experimental data will be presented that prove the superiority of this type of microma- 

chined antenna. The conventional and micromachined antennas will be defined as a patch fabri- 

cated on a regular substrate or as a patch fabricated on a substrate that has locally reduced index 

region, respectively. 

B. K-Band Micromachined Patch 

Two antennas were fabricated on silicon, with resonant frequencies in the K-band and air/sub- 

strate thickness ratios of 1:1 (see Table 1 for dimensions). In the silicon micromachined patch 

(SMP) antenna, the conductor has been electroplated to a metal thickness of approximately 3.2 

^im and the substrate is chemically etched (EDP process) in a single etch step underneath the 

antenna. Since the walls of the resulting cavity are not vertical due to the anisotropic etching, 

dimensions for a, b and c in Table 1 represent average values.The lower ground plane is achieved 

by attaching adhesive copper tape of 25.4 fim thickness and the size of the silicon substrate where 

the antennas were fabricated was approximately 2.8 cm x 3 cm. Return loss measurements are 

shown in Figure 3 and were obtained using an HP 8510 Network Analyzer where the bandwidth 

(IS11I< -10 dB) increases from 2.9% for the "regular" antenna to 5% for the SMP. Since band- 

width is inversely proportional to the quality factor, Q, defined as the ratio of total energy stored in 

the antenna to the energy dissipated or radiated from the antenna, the increase in bandwidth pro- 

vides the first indicator of an increase in total radiation from the antenna. Efficiency measure- 

ments, however, need to be made in order to observe the increase in power radiated into space 

waves as opposed to power radiated into surface waves. 
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Radiation patterns were also taken for the two antennas and the results are shown in Figure 4. 

where significant differences in the E-plane pattern are observed while the H-plane patterns 

remain similar as expected. For measurement purposes, the silicon substrates that hosted the 

antennas were mounted on a 5.6 cm x 5 cm metallic holder that served as the ground plane. The 

silicon antenna pattern exhibits many ripples, that are due to the diffraction of strong surface 

waves from the edges of the finite ground plane, in contrast to the micromachined antenna pattern 

that is much smoother. Conclusive evidence, needed to show the suppression of surface waves, is 

obtained by evaluating the antenna gain and measured efficiency. Since test equipment at this fre- 

quency was unavailable, a scaled model has been developed for designs printed on high index 

(10.8) duroid substrate that operate at Ku-band resonant frequencies. 

III. Characterization of Micromachined Patch Antennas 

The last step in characterizing the micromachined patch performance is the evaluation of the 

antenna's efficiency. In order to utilize existing test equipment, a scaled model of the antenna is 

fabricated on a mixed air-substrate cavity and is realized by machining a high index (10.8) duroid 

substrate. During this phase, a comparison is made between the micromachined patch and con- 

ventional designs operating at the same frequency. Similar measurements to those of the micro- 

machined antennas are obtained to determine the bandwidth and radiation pattern of the scaled 

models in addition to the measured efficiency. In the remaining sections, the theory of radiation- 

efficiency measurements is described first. Next, the antenna performance is characterized based 

on bandwidth, radiation patterns, and efficiency. Lastly, design parameters are discussed regarding 

the size of the micromachined cavity to produce enhanced efficiency over conventional designs. 

A. Theory of Radiation Efficiency 

To obtain the antenna gain of the patch antenna, radiation efficiency based on a radiometric 

method is used which compares the noise power of a lossy antenna under test (AUT) to a known 

load [11-12]. Antenna efficiency is obtained by characterizing the system receiver and then the 
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composite system (system receiver plus antenna). By measuring output powers of the receiver 

H C when connected to a hot (P, ) or cold (P, ) 50 Q load, the noise factor is given in [13] as 

F   s    {T^~T^)  , (4) 
r      THL(]-1/Yr) 

where the measured power ratio, Yp is PH
L/PC

L and the temperatures are THL =295 K and TCL =77 

K for hot and cold load, respectively. 

Individual AUTs are measured in the composite system to obtain hot and cold measurements 

where the black body absorber (Ecosorb), placed in front of the antenna element, has been held at 

room temperature (THA= 295 K) for the hot load and has been immersed in liquid nitrogen (TCA= 

77 K) for the cold load. Note that the 50 Q. calibration load is submersed into the liquid nitrogen. 

The resulting composite system noise factor is expressed as 

FC-THA(1-1/YC)' 

where the measured power ratio of the antenna, Yc, is PH
A/PC

A- Since the measured output noise 

powers of the receiver and the composite system with the hot load is known, the antenna gain can 

be obtained from the following expressions 

PL = KTHLBGrFr <6> 

PA = KTHABGrGAF
C 

(7) 

where Gr and GA are the receiver and antenna gain, respectively. After dividing the two hot load 

power equations, (EQ 7) by (EQ 6), and substituting m the noise factor parameters, Fr (EQ 4) and 

Fc (EQ 5), the antenna gain expression becomes 
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PH-PC 

GA " -H-E 
P     -P 

L      L 

Equation (8) assumes equal temperatures for the 50 Q. load and AUT in either the cold 

(THL=THA=295 K) or hot (TC1=TCA=77 K) load measurement. 

A modified gain expression is shown in Equation (9) that accounts for temperature differences 

observed in the application of the test methodology in the measurement of the cold 50 Q. load and 

AUT. Since the absorber is immersed into liquid nitrogen and then removed to cover the antenna, 

the cold temperature is slightly elevated and is taken as TCA=88 K while the 50 Q. load, submersed 

continuously into the liquid nitrogen, maintains a constant temperature, TCL, of 77K. Hence, 

H     C 
P   -P 

GA = 1-038^-T (9) 

p  -p 
L      L 

B. Ku-Band Micromachined Patch Antenna 

Since the available measurement set-up imposes an operating frequency range between 12.5 and 

13.5 GHz, several rectangular patch designs are fabricated on duroid substrates of high (10.8) and 

low (2.2) index constants with substrate thickness, t, of 635 and 500 microns, respectively. Scaled 

model micromachined antennas were also fabricated in which the cavity is created by machine 

milling. The final geometry is similar to those shown in Figure 1 without the sloping sidewalls, 

and the dimensions for the various antennas can be found in Table 2, where the parameters a and b 

are given by their actual values and not the average ones since the sidewalls are vertical. To 

describe the findings of the various patch configurations investigated, the notation used in the fol- 

lowing sections refers to antennas on full thickness substrates as "regular" high (10.8) or low (2.2) 

index designs and those printed on a mixed air-duroid cavity as scaled models. Each patch is fed 

by a 50 Q. microstrip feedline, is fabricated on a (75 mm)2 substrate, and is mounted in the test fix- 
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ture shown in Figure 5. Since the micromachined scaled model antenna resides over the mixed 

dielectric material, approximately 3.65 mm of the feed line has an impedance based on the mixed 

air-duroid region compared to the feedline of regular antennas on full thickness material. The 

width of the feeding line (560 u.m) for the scaled model patch is maintained over the mixed region 

and is the same with the width of the 50 Q line on full substrate resulting in a characteristic 

impedance of approximately 96 Q. The return loss is measured (Figure 6) and the input imped- 

ance values referenced at the RF connector are shown in Table 3; notice the good agreement 

between the scaled model and regular low index antenna. In Figure 6 the bandwidth of the scaled 

model increases to 2.3%, a 100% increase over the -10 dB bandwidth of the regular patch printed 

on the high index material. This increase in bandwidth is also observed in the silicon microma- 

chined antenna and is an indication of the expected increase in total power (space and surface 

waves) radiated from the patch. 

To minimize the interaction between the connector and the antenna in the radiation pattern mea- 

surements, a small piece of absorber is placed over the RF connector to reduce the effects of sec- 

ondary reflections on the antenna pattern. In Figure 7 the "regular" high index pattern has a large 

peak in the E-plane at approximately -50 degrees, indicating large power leakage to surface 

waves. This behavior is also observed in [4]. In contrast, the scaled model patch shown in Figure 8 

has a much smoother E-plane pattern and is very similar to the E-plane pattern of the "regular" 

low index antenna. As expected, the H-plane patterns are similar in all cases. The difference 

between the E-plane patterns of Figures 4b and 7 (both antennas are "regular") can be attributed to 

the slightly different dielectric constant, the different experimental set-up used for the pattern 

measurements and the fact that the distance between the antenna and the edge of the finite ground 

plane is not the same in terms of guided wavelengths . 

C. Efficiency Measurements 

The system configuration [5] is illustrated in Figure 9 and has component specifications consist- 

ing of an RF bandpass filter with an insertion loss of 3 dB in the 12.5 to 13.5 GHz range and a 

10 
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mixer intermediate frequency (EF) of 1.5 GHz. Since the calibration plane of the system is at the 

RF connector, the measured efficiency values include the feed line, connector and mismatch 

losses. In order to determine the de-embedded antenna efficiency, the losses must be determined 

and extracted. The losses associated with the feed line lengths (Table 3) are calculated using HP 

Momentum [5,14]; the RF connector loss is based on an empirical value; and the mismatch loss is 

determined from the measured return loss data. 

In Figure 10, the measured efficiency data, which are averaged values, show 73 ± 3 % for the 

scaled model having an air-substrate thickness ratio of 3:1 and 56 ± 3 % for the "regular" antenna 

printed on the high index material. The patch printed on 2.2 duroid was found to have an effi- 

ciency of 76±3 %. In Table 4, a summary of the measured efficiency, specific losses, and de- 

embedded efficiency are documented. The scaled model case shows sensitivity to the distance c 

between the radiating edges of the antenna and the edges of the micromachined cavity. From the 

results summarized in Table 5, it can be observed that for an air-substrate thickness ratio of 1:1 

and separation c=0, the efficiency of the scaled model is similar to that of a patch on high index 

substrate. However, when the distance is at least twice the substrate thickness, 2t, for the same air- 

substrate thickness ratio, the de-embedded efficiency increases by about 10%. This is further vali- 

dated in the measured data shown in Table 4 for a distance of c=3.783mm (6 times the substrate 

height, 6t). The improvements observed are attributed to the presence of fringing fields that usu- 

ally extend one to two times the thickness t beyond the radiating edges of the antenna into the sub- 

strate environment. The above results emphasize the importance of the air-substrate thickness 

ratio on bandwidth, and also the importance of the distance between the radiating edge of the 

antenna and the micromachined cavity in order to enhance the antenna's efficiency. 

The de-embedded efficiencies of the individual antenna elements (see Table 4) are 85% for the 

micromachined scaled model and 66% and 82% for the antennas on 10.8 and 2.2 duroid substrate, 

respectively. As a result, the efficiency of the micromachined patch increases by 28% over the 

high index patch and the efficiency performance approaches the patch on low index duroid within 

11 
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the bounds of measurement error. When the modified efficiency expression is used to account for 

differences in the cold measurement of the 50 Q load and ALT. the measured and de-embedded 

efficiencies increase by 2-3% as seen in Table 4. In this case, no significant difference is observed 

between either approach since the accuracy of the measurement system is 3%. 

IV. CONCLUSIONS 

The approach presented herein uses silicon micromachining techniques to physically alter the air- 

silicon thickness ratio by laterally removing material in selective regions of a high index substrate. 

To meet design space constraints and antenna performance requirements (bandwidth and radiation 

efficiency), this approach offers an easy method to optimize antenna size and maximize antenna 

performance in selective regions of circuits designed on high index substrates. The overall dimen- 

sions of the radiating element are determined by the effective dielectric constant (or index) of the 

material and can range from its smallest size in a high index material such as silicon (^=11.7) to 

its largest size in an air substrate (e^l.O) region.1 

Characterization of the micromachined patch antenna has been presented to illustrate the advan- 

tages of selectively reducing the dielectric constant in specific locations of a high index material 

in order to enhance patch antenna performance. Both antenna configurations show an increase in 

the impedance bandwidth and smoother E-plane radiation patterns compared to patch designs in 

high index materials. Antenna efficiency measurements were performed on the scaled model 

reflecting similar values to the low index patch antenna (£^2.2). For micromachined antennas, it 

is also shown that placement of the antenna's radiating edges with respect to the high index region 

is critical to improving the power radiated as space waves and must be at least twice the substrate 

thickness. Finally, a comparison between the high index patch and the micromachined scaled 

model shows bandwidth improvements by 64% from values of 1.4% to 2.3% and efficiency 

improvements by 28% from values of 66% to 85%, respectively. Therefore, enhanced antenna 

1. A dielectric membrane supports the antenna element over an air cavity formed by etching the silicon entirely away. 

12 
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performance has been achieved using this micromachining approach where the bandwidth and 

efficiency improvements indicate that patch elements can be integrated in compact MMIC designs 

on high index environments. 
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Figure 1: Geometry of the micromachined patch antenna with mixed air-substrate region that has 
been laterally etched away. 
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Figure 2: Geometries used to determine the capacitance model for the micromachined patch 
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Table 1: Design parameters for the antennas on silicon substrates. 

Patch t(mm) tair (mm) L (mm) w (mm) a (mm) b (mm) c (mm) 

Regular 0.355 0 2.019 4.08 0 0 0 

Microma- 
chined 

0.355 0.165 3.616 3.445 3.616 8.108 0 
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Table 2: Dimensions of the fabricated scaled model and regular antennas. 

Patch t (mm) tair (mm) L (mm) w (mm) a (mm) b (mm) c (mm) 

Regular 
(10.8) 

0.635 0 3.750 4.420 0 0 0 

Scaled Model 
(10.8) 

0.635 0.476 
(75%) 

7.624 6.676 15.190 14.478 3.783 

Regular (2.2) 0.500 0 7.570 7.340 0 0 0 
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Figure 6: Measured return loss for the scaled model patch antenna, ^#=2.3 (etched), and regular 
patch antennas, e r=2.2 and e r=10.8. 
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Table 3: Input impedance characteristics of the regular and scaled model antennas 

Patch Input Impedance (fl) Resonant Frequency (GHz) Feed Line Length (mm) 

Regular 
(10.8) 

49.2-j0.37 12.84 27.6 

Scaled model 
(10.8) 

67.5-j 1.04 13.165 27 

Regular (2.2) 67.5-jO. 14 13.044 34 
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Table 4: De-embedded efficiency for the scaled model and regular patch antennas at resonance. 

Antenna 
Regular 
eplO.8 

Scaled Model 
£r=10.8 

Regular 
£,.=2.2 

Measured Efficiency 
Based on Equation (8) 
Based on Equation (9) 

56% 
58% 

73% 
76% 

76% 
79% 

Mismatch loss (dB) 0(100%) 0.05 (99%) 0.08 (98%) 

Connector loss (dB) 0.15 (97%) 0.15 (97%) 0.15(97%) 

Feed line loss (dB) 0.56 (88%) 0.48 (90%) 0.1 (98%) 

Total loss (dB) 0.71 (85%) 0.68 (86%) 0.33 (93%) 

De-embedded Efficiency 
Based on Equation (8) 
Based on Equation (9) 

66% 
68% 

85% 
88% 

82% 
85% 
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Table 5: Efficiency results and dimensions for two scaled model 
£,.=10.8 

antennas on duroid substrate with 

Patch Antenna 
Mixed air-substrate thickness 

ratio (1:1) 
c=0 

Mixed air-substrate 
thickness ratio (1:1) 

c=2t 

t (mm) 0.635 0.635 

tair (J™11) 0.330 0.330 

L(mm) 5.415 7.624 

w (mm) 6.676 6.676 

a (mm) 5.415 10 

b (mm) 10.590 14 

Measured efficiency 52% 65% 

Total loss (dB) 0.69 (85%) 0.69 (85%) 

De-embedded efficiency 61% 76% 
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Coplanar Stripline Propagation 
Characteristics and Bandpass Filter 

Kavita Goverdhanam, Student Member, IEEE, Rainee N. Simons, Senior Member, IEEE, 
and Linda P. B. Katehi, Fellow, IEEE 

Abstract—In this paper, a coplanar stripline bandpass filter 
is developed. The propagation characteristics of the coplanar 
stripline used for the construction of the filter are presented in 
the form of phase constant and attenuation constant The filter is 
characterized experimentally as well as theoretically by use of the 
finite-difference time-domain (FDTD) technique. The agreement 
between the measured and modeled filter characteristics is very 
good. 

I. INTRODUCTION 

COPLANAR stripline (CPS) [1] as a transmission medium 
with the capability to provide uniplanar designs was 

introduced in the mid 1970's. It is well known that CPS lines 
make efficient use of the wafer area, have the capability to 
sustain back metallization without exciting parasitic modes 
within the range of the operating frequency and to simplify 
heat sinking and packaging in high-power applications (CPS 
power amplifiers). Extensive work on CPS lines in the recent 
past [2]-[4] has shown that CPS has the capability to provide 
excellent propagation characteristics and small discontinuity 
parasitics when appropriately designed. Recent studies of 
several CPS discontinuities have shown that CPS lines can 
find applicability to wireless communications through low- 
cost uniplanar microwave circuits such as filters, mixers, and 
antennas [2], [4]. Based on these results, CPS bandstop filters 
have been designed and characterized and these filters have 
demonstrated many advantages. 

CPS filters have several unique features and advantages. 
Their uniplanar construction allows ease of fabrication. Also, 
these filters use series resonating elements which are fabricated 
within the 50-fl strip conductors and, hence, are extremely 
compact when compared to microstrip filters. In addition, they 
do not require bond wires and air bridges to suppress higher 
order modes at discontinuities, resulting in simpler design 
when compared to conventional coplanar waveguide (CPW) 
filters. 

This work presents a study of the dispersion characteristics 
of the CPS line along with its attenuation as a function of 
frequency. In addition, a CPS bandpass filter has been designed 
and fabricated, and its performance has been characterized 
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Fig. 1.   Cross section of CPS. 

both experimentally as well as numerically by FDTD simu- 
lation for performance verification. 

II.  THEORETICAL AND EXPERIMENTAL CHARACTERIZATION 

The coplanar stripline is supported by a dielectric substrate 
of relative permittivity €r and thickness D, as shown in Fig. 1. 
In a CPS [1], the electric lines extend from the edges of 
the strip conductors of width W across the slot of width S 
and remain strongly bound to the aperture between the two 
adjacent strips. As a result, the lines exhibit characteristics 
which are rather insensitive to the substrate thickness and 
presence of metallization on the other side of the substrate. 
Below, theoretical and experimental results for wave propa- 
gation characteristics in CPS lines and a CPS BP filter are 
presented and discussed extensively. 

A, Measurement/De-Embedding Technique 

All the measurements have been performed with the 8510 
network analyzer using a set of CPS TRL on-wafer standards. 
The calibration standards consist of a CPS Thru, a CPS short 
circuit, and a CPS delay line and is performed using National 
Institute of Standards and Technology (NIST), a de-embedding 
software program [5]. This program solves a 12-term error 
model from the thru-line two-port measurements, the delay line 
two-port measurements, and the two one-port reflection mea- 
surements. The program then establishes electrical reference 
planes to which all de-embedded S-parameters are referred. 
In addition, it provides, the attenuation constant a. In order 
to suppress spurious modes, the CPS substrate is stacked on 
top with a 0.031-in-thick (er = 2.2) RT/Duroid 5880 and a 
0.25-in-thick microwave absorber. 

1051-8207/97S10.00 © 1997 IEEE 
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fig. 3.   CPS computed dispersion and higher order mode. 

B. Theoretical Modeling 

As mentioned above, the modeling was performed using the 
FDTD method, which is based on expressing Maxwell's curl 
equations in discretized space and time domains. In order to 
characterize a planar discontinuity, propagation of a specific 
time-dependent function is simulated using FDTD technique. 
In characterizing the filter mentioned above, a Gaussian pulse 
is used. The space steps Ax, Ay, and Az are carefully 
chosen such that integral numbers of them can approximate 
the dimensions of the structure. In order to rrtinimize the 
truncation and grid dispersion errors, the maximum step size 
is chosen to be less than 1/20 of the smallest wavelength 
in the computational domain. The Courant stability criterion 
is used to select the time step to ensure numerical stability. 
The values for Ax, Ay, Az, and the time step At used for 
modeling the bandpass filter here are 127.0, 101.6, and 203.2 
jim and 0.23 ps, respectively. The front and back planes of the 
FDTD mesh are terminated using super-absorbing first-order 
Mur boundary condition [6]. All the other walls are terminated 
using the first-order Mur boundary condition [7]. The circuit 
dimensions indicated in the following sections are the actual 
dimensions after fabrication. However, while performing the 
FDTD analysis, the exact fabricated dimensions could not be 
incorporated due to limitations in the uniform discretization 
adopted in the modeling. 

5 6 7 
Frequency, GHz 

Fig. 4.   CPS bandpass filter—geometry and measured/modeled charactens- 

m. RESULTS AND DISCUSSION 

In the following sections, measured results are shown for 
the attenuation constant of a CPS line as a function of 
frequency along with theoretically predicted dispersion and 
higher order mode characteristics. Also, the measured/FDTD- 
modeled characterization of a CPS bandpass filter is presented 
and compared. 

A. Measured (De-Embedded) Attenuation 

The attenuation a is de-embedded for CPS lines fabricated 
on RT/Duroid 6010 substrate of thickness D = 0.03 in and 
£r = 10.2 with 1/2-oz. copper. Measurements are performed 
on CPS lines with a fixed strip width W (= 0.065 in) and slot 
width S varying from 0.0025 to 0.005 in in steps of 0.0005 
in. This includes a 50-fi CPS line with W = 0.065 in and 
S = 0.004 in. Fig. 2 shows the measured attenuation as a 
function of frequency for the above mentioned set of CPS 
lines. From the figure, we see that a varies from 0.735 dB/As 

at 4 GHz to about 0.164 dB/As at 12 GHz. The repeatability 
of the measurements are within 0.015 dB/A9 at 4 GHz and 
0.093 dB/As at 12 GHz. 

B. FDTD-Modeled Dispersion and Higher Order Modes 

Fig. 3 shows a plot of the normalized propagation con- 
stant ßlß0 as a function of frequency obtained using two- 
dimensional (2-D) FDTD technique for a CPS line with 
D = 0.03 in, W = 0.065 in, S = 0.004 in, and er = 10.2. It 
is noticed that the dispersion is almost linear up to 9.0 GHz 
with no higher modes. Onset of higher order modes begins 
at around 9.0-GHz frequency. This has been confirmed by 
measuring the S parameters. Measurements on a through line 
with W = 0.025 in, 5 = 0.004 in, D = 0.01 in, and er = 10.5 
have shown that there is no onset of higher order modes up to 
40 GHz. Smaller line dimensions and thinner substrates can 
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push the cutoff frequency to higher frequencies thus extending 
the operating range. 

C. CPS Bandpass Filter 

The schematic of a CPS bandpass (BP) filter is shown in 
Fig. 4. The filter consists of five sets of series stubs spaced 
0.25AS apart where As is the guide wavelength in the CPS at 
the center frequency f0 of the bandpass filter. The BP filter 
was fabricated on an RT/Duroid 6010 substrate of thickness 
0.03 in and er = 10.2. The design guidelines for the circuit 
elements of the bandpass filter are summarized as follows: 
L = 0.5AS, W = 0.070 in, S = 0.0035 in, G = 0.008 in. 

The measured and FDTD-modeled insertion loss (52i) and 
return loss (Su) of the BP filter are shown in Fig. 4. The filter 
exhibits excellent characteristics. Discrepancies between the 
measured and FDTD-modeled results for the filter is attributed 
to the zero-loss assumption incorporated in the FDTD models, 
in addition to coarse FDTD gridding. It has been observed 
that the bandpass characteristics repeat at center frequencies 
where the stub length becomes even multiples of quarter guide 
wavelength 0.25AS as expected. Also, at frequencies where the 
stub length becomes odd multiples of quarter guide wavelength 
0.25Xg, low-pass characteristics are observed. 

TV. CONCLUSION 

The coplanar stripline as a transmission medium holds 
a great deal of potential in the emerging wireless commu- 

nications industry and in the design of low-cost uniplanar 
microwave circuits such as filters, mixers, and antennas. In 
view of these advantages, a CPS Bandpass filter has been 
modeled and its performance has been characterized both 
experimentally and theoretically. In addition, CPS character- 
istics such as attenuation, dispersion, and higher order modes 
have been studied. It has been found that CPS has excellent 
propagation characteristics with linear dispersion. Onset of 
higher order modes is at the higher end of the frequency range 
of interest, thereby making CPS an ideal choice for the type 
of applications described herein. 
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Coplanar Stripline Components for 
High-Frequency Applications 

Kavita Goverdhanam. Member. IEEE. Rainee N. Simons. Senior Member. IEEE, and Linda P. B. Katehi. Fellow. IEEE 

Abstract— In this paper, coplanar stripline (CPS) disconti- 
nuities such as a narrow transverse slit, a Symmetrie step, a 
right-angle bend, and a T-junction are characterized and their 
performance is parameterized with respect to frequency and 
geometry. In addition, filter design using coplanar stripline dis- 
continuities has been investigated. Lumped equivalent circuits are 
presented for some of the discontinuities. The element values are 
obtained from the measured discontinuity scattering parameters. 
The experimental results are compared with theoretical data ob- 
tained using the finite-difference time-domain (FDTD) technique 
for validation and show very good agreement 

Index Terms—Band-stop filters, coplanar stripline, discontinu- 
ities, FDTD technique, scattering parameters, TRL calibration, 
uniplanar circuits. 

— Electric 
field lines 

I. INTRODUCTION 

AS WITH A coplanar waveguide (CPW), the coplanar 
stripline (CPS) [1] was introduced in the mid-1970's as a 

transmission medium with the capability to provide uniplanar 
designs. Due to its balanced configuration, it has found wide 
applicability in feed networks for printed antennas [2], [3]. 
As the application moves to higher frequencies and the size 
of the substrate becomes critical in triggering parasitic modes 
and uncontrolled radiation, lines which show less dependence 
on wafer thickness become better candidates. Among these 
lines, the CPW has attracted much more attention despite the 
limitations imposed by its large ground planes and the exci- 
tation of parallel-plate parasitic modes. The use of many vias 
to suppress these parasitic modes introduces many difficulties 
in the design and fabrication resulting in poor performance 
and high cost. In view of the above disadvantages, coplanar 
lines with finite-size grounds such as the CPS require more 
attention. The CPS has the capability to provide excellent 
propagation [4]. When appropriately designed, it has small 
discontinuity parasitics, makes efficient use of the wafer area, 
and can sustain back metallization without exciting parasitic 
modes within the range of the operating frequency. Lastly, 
heat sinking and packaging in high-power applications (CPS 
power amplifiers) is simplified. 

Some CPS discontinuities such as an open circuit, short 
circuit, series gap, spur-slot, and spur-strip have been exten- 
sively studied and characterized in the past [5]. This paper 
presents an extensive characterization of some additional CPS 
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Dielectric 
substrate 

Fig. 1.   Cross section of CPS. 

discontinuities, such as a narrow transverse slit, symmetric 
step, right-angle bend, and a T-junction. The equivalent- 
circuit model-element values for these discontinuities are de- 
termined from the scattering parameters (S-parameters) which 
are de-embedded from the measured S-parameters using a 
fhru-refiect-line (TRL) algorithm. The circuits are fabricated 
on a 762-/im-thick RT-Duroid 6010 substrate (£r = 10.2) 
having 0.5-oz copper cladding. The experimental results are 
compared to data obtained using the finite-difference time- 
domain (FDTD) method for validation. The results of the CPS 
discontinuities studied above indicate potential applications in 
the emerging wireless communications industry in general, 
and in the design of low-cost uniplanar microwave circuits 
such as filters, mixers, and antennas in particular. This has 
been demonstrated by fabricating bandstop filters using CPS 
discontinuities. The performances of a few of these filters are 
presented. Here too, the measured filter response is compared 
with the results obtained by modeling the filter using the 
FDTD technique. 

II.   THEORETICAL AND EXPERIMENTAL CHARACTERIZATION 

In a CPS [1], the electric-field lines from the strip conductors 
of width W extend across the slot of width S. The CPS is 
supported on a thin dielectric substrate of relative permittivity 
er and thickness D, as shown in Fig. 1. This paper presents the 
study of several CPS discontinuities (see Figs. 2, 7, 9, 11, and 
13) which find use in monolithic microwave integrated circuits 
(MMIC's). The study is performed both theoretically as well 
as experimentally and the two sets of results are compared for 
validation purposes. 

A. Experimental Characterization 

The measurements have been performed with an automatic 
network analyzer (HP8510C) using a TRL calibration tech- 
nique. This technique utilizes on-wafer standards along with 
a pair of ground-signal RF probes [5]. The standards consist 

0018-9480/97$ 10.00 © 1997 IEEE 
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Fig. 3.   Experimental and FDTD modeled magnitude of Sn and S21 for 
CPS slit. .4 = 531.9 fim, B = 180.3 ßm. 

of a CPS thru, a CPS short circuit, and a CPS delay line. 
The network analyzer is calibrated using National Institute of 
Standards and Technology (NIST) de-embedding software.1 

The reference impedance is set by the characteristic impedance 
Z0 of the delay line. 

B. Theoretical Modeling 

As mentioned above, the modeling was performed using 
the FDTD method, [6]-[9], which is based on expressing 
Maxwell's curl equations in discretized space and time do- 
mains. In order to characterize any planar discontinuity, propa- 
gation of a specific time-dependent function is simulated using 
the FDTD technique. In characterizing the discontinuities 
mentioned above, a Gaussian pulse was used. The space steps 
Ax, Ay, and Az are carefully chosen such that integral 
numbers of them can approximate the dimensions of the 
structure. The Courant stability criterion is used to select the 
time step to ensure numerical stability. It is important to note at 
this point that the circuit dimensions indicated in the following 
figures are the actual dimensions after fabrication. However, 
while performing the FDTD analysis, the exact fabricated 
dimensions could not be incorporated due to limitations in 
the uniform discretization adopted in the modeling. 

1 NIST de-embedding software, program DEEMBED. Rev. 4.04, 1994. 
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Fig. 5.   Inductance determined from the de-embedded S-parameters and 
FDTD model as a function of slit depth at 9 GHz. 

m. RESULTS AND DISCUSSION 

In the following section, results for a narrow transverse slit 
on a CPS line, a symmetric CPS step (Fig. 2), a CPS right- 
angle bend (Fig. 7), a CPS T-junction (Fig. 9), a CPS spur-slot 
bandstop filter (Fig. 11), and a CPS spur-strip bandstop filter 
(Fig. 13) are presented. For all the discontinuities considered 
here the slot width is 101.6 /xm and the strip width is 762 /zm, 
unless otherwise specified. 

A. Narrow Transverse Slit and a Symmetric 
Step in the CPS Strip Conductor 

A symmetric narrow slit of width B and depth A in the 
CPS strip conductor is shown in Fig. 2. The slit is modeled as 
a lumped inductor L located between the planes Pi-P{ and 
P2-P2 in series with the line. The inductance is determined 
from the discontinuity S-parameters of the circuit, which are 
de-embedded from the measured S-parameters of the circuit. 
Figs. 3 and 4 show plots of the de-embedded and FDTD 
modeled scattering parameters as a function of frequency for 
a slit of depth A = 531.9 pm and width B = 180.3 £tm. 
Fig. 5 shows the series inductance as a function of the slit 
depth A when the width B is held constant at 180.3 um. 
As expected, the inductance increases with the slit depth. 
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Fig. 7.   CPS right-angle bend. 

It would be noteworthy at this point that for small values 
of the slit width, the discontinuity can be modeled purely 
as an inductance to a very close degree of accuracy. The 
slight difference between the measured and FDTD results in 
Figs. 3-5 can be attributed to the difference in dimensions 
between the fabricated structure and FDTD model. 

However, if the slit depth is kept constant and the slit 
width B is varied, the discontinuity can no longer be modeled 
purely as an inductive element. For larger slit widths, the 
discontinuity which is now a CPS step, needs to be modeled 
as a ^-equivalent LC circuit where the capacitance, C, is 
the fringing capacitance and the inductance L is the series 
inductance. Fig. 6 plots the lumped fringing capacitance C and 
the series inductance L for a CPS step as a function of the step 
width at a frequency of 6 GHz for a fixed depth A of 533.4 /mi. 
As expected, the capacitance is initially small, increases with 
step width, and eventually saturates. The measured scattering 
parameters for a typical slit step has been validated using the 
FDTD technique and are presented in Figs. 3 and 4. Hence, 
the FDTD modeling was not repeated for the remaining step 
widths. Consequently, Fig. 6 excludes the FDTD modeled 
equivalent lumped-circuit element values. 

B. CPS Right-Angle Bend 

A CPS right-angle bend is shown in Fig. 7. Several CPS 
bends have been fabricated with slot width ranging from 

Output port #2 - 

Fig. 9.   CPS T-junction. 

110 (im (4.33 mil) to 230 /«n (9.06 mil) and the strip width 
fixed at 762 fjm (30 mil). In all cases, it was seen that 
de-embedded measured S-parameters as well as the FDTD 
method show the reflection to be of the order of —20 dB 
or lower. Fig. 8 presents the results for a typical right-angle 
bend. Hence, it was concluded that compensation of the bend 
to improve VSWR is not required. This fact is used in the 
design of a CPS T-junction which follows next where the 
CPS line is bent at a few places without resulting in any 
noticeable parasitics due to the bend. Although Fig. 8 indicates 
low reflection losses for measured as well as modeled cases, it 
can be seen that the return loss in the case of FDTD modeling 
is lower. It is also seen that the measured magnitude of S21 
is slightly lower than the S21 obtained by FDTD modeling. 
These differences can be attributed to the calibration accuracy 
of the measured results and to the fact that the FDTD scheme 
adopted here does not take losses into account. 

C. CPS T-Junction 

A CPS in-phase T-junction is shown in Fig. 9. The mea- 
sured and FDTD modeled magnitude of 5n, S21, and 531 as 
a function of frequency is shown in Fig. 10. As seen from 
the figure, power is almost equally divided between the output 
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Fig. 11.   CPS spur-slot bandstop filter. 

ports 2 and 3. It was also observed that the phase of S3i and 
S2i was equal as expected. From Fig. 10 it is seen that there 
is a very good agreement between the measured and FDTD 
modeled power coupled to the two output ports. 

D. CPS Bandstop Filters 

The configuration of a CPS spur-slot bandstop filter is 
shown in Fig. 11. The spur-slot is convenient to use when 
W is large and S is small. It can be modeled as a short- 
circuit stub of length L = Ap(cps)/4 in series with the main 
line. At resonance, the stub prevents the flow of RF power 
to the load. The measured and modeled 5n and S2i for the 
geometry is shown in Fig. 12. On the other hand, the spur- 
strip is convenient to use when W is small and S is large and 
can be modeled as two open circuit stubs each of length L\ = 
Afl(cps)/4 in parallel with the main line. Fig. 13(a) shows the 
configuration of a CPS spur-strip bandstop filter with a taper on 
either end. This was the configuration for which measurement 
was performed. Fig. 13(b) shows the configuration that was 
used to perform the FDTD modeling. Tapers were included in 
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fig. 10.   Experimental and FDTD modeled magnitude of Si 1. S21, and S31 
for a T-junction. 
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fig. 12. Experimental and FDTD modeled magnitude of Si 1 and S2i for a 
spur-slot bandstop filter. .4] = 762 jim. B\ = 254 jim. and L\ - 16.256 
mm. 
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Fig. 13. (a) CPS spur-strip bandstop filter used in the measurement, (b) CPS 
spur-strip bandstop filter used in modeling. 

the measurement to accommodate a ground-signal RF probe 
of 254-/zm (10-mil) pitch. However, while simulating the 
results using the FDTD method, the tapers were eliminated 
due to memory constraints. Fig. 14 shows the magnitude of 
measured and modeled S-parameters for the spur-strip filter. 
From Figs. 12 and 14, we see that there is a good agreement 
in the measured and modeled resonance frequency for both the 
filters. However, Fig. 14 shows a slight difference between the 
measured and modeled S2i for the spur-strip filter. This can be 
attributed to the tapers being excluded in the FDTD modeling. 
It is interesting to note that the spur-strip filter has a narrower 
bandwidth compared to the spur-slot filter indicating that the 
strip filter has a higher quality factor (Q) compared to the 
slot filter. As a point of interest, it is worthwhile mentioning 
that a spur-slot with four slots (with the two extra slots being 
a mirror image of the previous two) has the same resonance 
as the spur-slot structure in Fig. 11, but a broader bandwidth 
(lower Q). 
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IV. CONCLUSION 

The CPS as a transmission medium holds a great deal of 
potential because of several advantages, such as excellent 
propagation, small discontinuity parasitics, and efficient use 
of the wafer area. In view of these advantages, modeling 
of some CPS discontinuities which have several technical 
and commercial applications, was performed as a function of 
frequency and geometry. Good agreement was found between 
the experimental and theoretical results. 
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Abstract — This work presents the use of Si micromachining techniques to enhance high frequency planar circuit design 

flexibility by offering a method for varying the substrate thickness in selective locations on the wafer. 

1.0 INTRODUCTION 

Micromachining is being used for a number of high frequency applications to meet design requirements for 

compact circuits, high performance interconnect lines, monolithic packaging as well as novel array configura- 

tions feeding networks [1]. During the development of such technologies for use in low frequency applica- 

tions, materials parameters such as size and thickness have been standardized in order to meet demands for 

high volume low cost circuits. A beneficial result is the use of established infrastructures and less expensive 

materials that can be integrated into circuit designs for high frequency applications. For example, in many 

complex MMIC designs requiring planar circuits and antennas, a critical design parameter for both compo- 

nents is the substrate thickness which depends on the transmission line topology selected. In particular, as 

active and passive elements are integrated into a single chip along with radiating elements, the selection of an 

optimal substrate thickness that offers overall high performance for each component function becomes impos- 

sible. Therefore, novel fabrication approaches that address this issue are necessary in order to satisfy design 

requirements for complex high performance circuits. 

Presented herein is a micromachining methodology that extends flexibility to the design of circuits or radiat- 

ing elements by allowing for local reduction of the substrate thickness in order to achieve excellent component 

performance. This concept is illustrated through the use of a simple transmission line that is implemented in a 

full thickness wafer environment with thickness reduction along the feedline. 



2.0 CIRCUIT DESIGN /FABRICATION APPROACH 

Interconnects printed on high index materials suffer from parasitic loss and higher order moding as the oper- 

ating frequency increases which limits the ability to attain high electrical performance. To improve transmis- 

sion line propagating conditions (quasi-TEM propagation), a wafer thickness of less than 250 microns is 

typically required. In applications that include radiating elements, this condition is important, yet contradic- 

tory, since optimum efficiency and high gain is achieved in substrate thicknesses on the order of Xeff/10. As a 

result of this conflicting design requirement, fabrication processes that extend the circuit designer's capability 

to provide optimum electrical interaction between the feedline interconnects and other components offers 

major benefits. One solution to the design problem posed here is to selectively reduce the thickness of the 

wafer in specific interconnect locations that may be used to feed a radiating element. As an example, a micro- 

machined packaged antenna is shown in [2] with a reduced thickness feedline interconnect to a microstrip 

patch antenna. In this letter, approach and implementation of micromachined microstrip lines printed on selec- 

tively reduced thickness regions is discussed. 

The micromachined reduced thickness line offers two features, a reduced thickness region and a lower pack- 

age under the microstrip line. The reduced substrate is formed by partially removing silicon from underneath 

the feedline while the lower package (see Figure 1) is formed when the material is completely removed in 

adjacent regions [3]. In this work, high resistivity silicon (3000 ohm-cm) with dielectric layers of Si02/Si3N4/ 

Si02 is used and a bulk micromachining process based on anisotropic etching techniques [4] such as ethylene 

diamine pyrocatechol (EDP) is employed. First, the desired circuit is printed on the upper surface using stan- 

dard lithography techniques. Next, three adjacent regions are defined on the bottom of the wafer to form the 

lower package and reduced thickness region (Figure 2-a). In the outer channels, which form the package, all 

dielectrics are removed (Figure 2-b) while a single protective oxide layer remains in the center conducting line 

region (CC). The outer channels are time-etched until 80% of the wafer thickness (Figure 2-c) has been 

reduced prior to removing the final oxide masking layer from underneath the center region (Figure 2-d). The 

center is then etched down 170 microns to reduce the conducting region substrate thickness while the outer 

channels are simultaneously etched entirely away (Figure 2-e). After removing the dielectric layers on the bot- 

tom of the wafer, a 1.5 micron metal layer of Ti/Al/Ti/Au is evaporated in order to provide metal continuity on 

the lower surface. 



3.0 MEASURED RESULTS 

Measured data is obtained from an HP 85IOC Network Analyzer and Alessi probe station with Picoprobes. 

A coplanar waveguide to microstrip transition is used with conductor and slot widths of 180 and 210 microns. 

The outer ground planes on the top side of the wafer are 380 microns away from the microstrip line to ensure 

microstrip mode of propagation. Figure 3 shows the calculated values of the effective dielectric constant for a 

thru line in the open and packaged configuration based on modeled [5] and measured data. In the case of the 

line printed on the thick substrate, there is close agreement between the measured and the decrease in dielectric 

constant can be attributed to the presence of conductor and dielectric losses not accounted for in the model. 

When the line becomes packaged, the slope of effective dielectric constant reduces indicating less frequency 

dependence and the effective dielectric constant is reduced. 

4.0 CONCLUSION 

A micromachined variable thickness through line interconnect has been developed. In this approach, micro- 

machining has been used to custom design the substrate thicknesses in order to improve the performance of 

heterogeneous circuit components on the same wafer. 
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LIST OF FIGURES 

Figure 1. (a) Micromachined Variable Thickness Feedline cross-section (A-B). (b) Photograph of bottom viev. 

illustrates with outer channels (OC) and center conductor channel (CC), and (c) SEM photograph of 

circuit cross-section. 

Figure 2. Fabrication Process (see description in text) for lower wafer development. 

Figure 3. Microstrip effective dielectric constant for modeled data of open line on thick substrate (squares); 

measured data for open line on thick substrate (diamonds), micromachined lower shielded line (open 

circles), and micromachined completely shielded line (filled circles). 
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Figure 1 (a) Micromachined Variable Thickness Feedline cross-section (A-B), (b) Photograph of bottom 
view illustrates with outer channels (OC) and center conductor channel (CC), and (c) SEM photograph 
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Figure 2   Fabrication Process (see description in text) for lower wafer development. 
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Figure 3   Microstrip effective dielectric constant for modeled data of open line on thick substrate 
(squares); measured data for open line on thick substrate (diamonds), micromachined lower shield 
(open circles), and micromachined completely shielded line (filled circles). 
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Abstract — High frequency planar circuits experience large electromagnetic coupling in dense circuit environ- 

ments. As a result, individual components exhibit performance degradation that ultimately limits the overall 

response of circuits. This study addresses cross-talk in planar microstrip lines by evaluating micromachined pack- 

ages as a means to reduce this mechanism. Microstrip lines with straight and meandering paths can exhibit cross- 

talk coupling as high as -20 dB (i.e. when placed in a side-by-side arrangement). From our study, inclusion of a 

monolithic package reduces this effect by as much as -30 dB and consequently offers the requisite electrical and 

environmental protection as well as shielding of individual elements from parasitic radiation. This paper presents 

the development of the micromachined package for microstrip geometries, offers a discussion on cross-talk 

between straight and bending geometries in open and packaged configurations, and provides an evaluation of 

noise characteristics of the package. A packaged antenna element is also included as a demonstration of the poten- 

tial use of micromachined packaging in array applications. 

I. INTRODUCTION 

In high frequency applications, planar circuits and antennas are an integral part of high performance 

communication system design due to low cost, light weight, and small size. While low-power perfor- 

mance has been the major thrust issue for promoting technology growth in this area, another significant 
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attribute is the unlimited capability for miniaturization, which is extremely important in view of the 

demands to reduce entire systems onto a single chip that offer high levels of functionality. Higher frequen- 

cies of operation inherently reduce circuit size. This fact, coupled with the planar nature of these circuits, 

also increases the design flexibility in high density packaging of passive and active elements in semicon- 

ductor environments, such as silicon or GaAs. Cross-talk, however, is one critical performance issue that is 

common to most high density circuit layouts and occurs when circuits are located in close proximity to 

each other. Furthermore, electromagnetic (e-m) signal propagation is sensitive to this type of coupling (i.e. 

substrate mode or parasitic) and results in degraded electrical performance of the circuit. 

In the past, several approaches have been taken to understand and minimize cross-talk interactions 

between planar circuits. For example, numerical models have been developed to predict the appropriate 

placement of planar circuit geometries that produce the least interactions [1]. In this case, coupling reduc- 

tion as the highest priority is achieved, but optimization of size, placement, and space utilization are not 

considered. In another, packaging methods were developed to reduce coupling by separating different cir- 

cuit functions into modular components similar to multi-chip module (MCM) approaches. By decompos- 

ing large systems into smaller units [2], interactions between different circuit functions are reduced. While 

this is an effective approach for large scale integrated (LSI) circuits, this approach does not address e-m 

field interactions within a given circuit layout that can be difficult to control and are known to cause degra- 

dation in the overall circuit performance. 

Addressed in this study is cross-talk between two types of microstrip lines: straight and meandering that 

represent fundamental building blocks to high density interconnects and phased array applications. 

Therefore, the objectives of this work are: (1) to develop low-cost package solutions for microstrip lines; (2) 

to study the cross-talk behavior associated with open and packaged geometries; (3) to assess the noise 

associated with monolithic packages; and (4) to demonstrate the integration of a package with planar ele- 

ments common to array applications. 

II. DESIGN CONSIDERATIONS 

Microstrip, a popular transmission line type in high frequency circuits and antennas, offers many advan- 

tages for compact circuit miniaturization. In addition to the small size, low profile, and ease in conform- 
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ability, there are an abundant supply of circuit design models and simulation tools readily available for a 

designer's use. In this study the crosstalk between straight and meandering microstrip lines is addressed 

by evaluating the e-m coupling found in different layouts and comparing them to the coupling found in an 

open and packaged configuration. The packaged configurations in this case are developed using Si micro- 

machining technology [3] to produce monolithic conformal packages that follow the shape of individual 

planar elements being protected. 

The following discussion on cross-talk is based on two circuit design configuration variables: (1) cross- 

section topology and (2) design layout. The cross-section topologies of interest are (a) open or (b) packaged 

(see Figure 1) geometries for the conventional and micromachined packaged microstrip lines, respectively. 

In each case, design parameters for 50 ohm lines are obtained, where open structures are based on com- 

mercially available CAD tools [4] and packaged ones on in-house CAD tools [5]. Each topology is then 

evaluated based on a combination of two adjacent microstrip lines, a straight thru line and a single section 

meander. The single section meander consists of a back-to-back right angle bend and will be referred to as 

a U-shaped line in the remainder of the paper. The two arrangements, shown in Figure 2, result in Design 

Layout A, which consists of a thru line and a U-shaped line and Design Lax/out B, which consists of two U- 

shaped lines. 

To address the use of these structures in antenna arrays, consideration is also given to design criteria for 

high performance planar antennas and miniaturization of drive electronic circuitry. In high index materi- 

als, optimum performance is achieved when substrates modes are niinimized or suppressed. In micro- 

strip patch antennas, this occurs when the substrate is electrically thick, whereas in planar circuits, this 

occurs when the substrate is electrically thin. Hence, it is difficult to satisfy both criteria in high index 

semiconductor materials. With the use of Si micromachining, however, both thick and thin substrate 

regions can be defined such that the antenna can be printed on the thick material while the distribution 

lines and circuitry are printed on the thin material regions. 

The fabrication approaches described herein will address both the packaging issues related to the 

microstrip line and the thickness reduction issues required to selectively etch regions in planar circuit lay- 

outs. Next, cross-talk and noise measurements will be discussed for close proximity circuit interactions 
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and micromachined packaging. Finally, the assessment of cross-talk coupling found in the various micro- 

machined layout configurations will be presented. 

m. FABRICATION 

A. Overview 

The microstrip lines discussed axe packaged using the irücromachining approach developed in earlier 

work [6] for coplanar waveguide structures. To provide package grounding and equalization between the 

upper and lower cavity in microstrip based geometries, ground planes are positioned sufficiently far (380 

microns) from the conductor in order to maintain a microstrip mode of propagation (see Figure 3 for 

dimensions). The general process is similar to one described in [6], where wet anisotropic etchants are 

used to develop the desired geometry. The protective dielectric layer in this case is a silicon oxide layer 

(7800 Ä) on the upper cavity wafer and a membrane1 dielectric layer (1.5 micron) on the lower circuit 

wafer. The wafer resistivity is 4 Q-cm in the upper wafer and greater than 2000 fi-cm in the lower wafer. 

Microstrip metallization thickness is 3 microns of electroplated gold and the package metallization is 1.5 

microns of evaporated metal (Ti/Al/Ti/Au @ 500/15K/500/3K Ä). Once the package is assembled, it is 

attached to a support wafer (with similar metallization) using silver epoxy in order to place it on the vac- 

uum holes of the probe station wafer chuck. As an alternative, electrobonding techniques could also be 

used to secure the two wafers. 

B. SUBSTRATE THICKNESS REDUCTION AND CONFORMAL PACKAGING APPROACH 

Two fabrication methods were developed that allow for (a) selective reduction of the wafer thickness 

and (b) realization of convex comers around bends in the upper and lower cavity conformal packages. 

Wafer thickness reduction requires the use of a two step etch process to accommodate the deep etch 

requirement of the vias and package channels as well as the shallow etch requirement for the reduced 

thickness regions. First the vias and channels are etched several hours to remove approximately 400 

1.  A membrane is denned as silicon dioxide/silicon nitride/silicon dioxide layer (3500/4500/7500 Ä). 
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microns of material while the reduced thickness regions remain protected. Then, these protected regions 

are opened and etched an additional 2 hours to remove 170 microns of material while the via and lower 

package channels are etched entirely through. In Figure 3, a scanning electron microscope (SEM) picture is 

shown of an inverted lower cavity package with a cross-section view of a via and a lower package cavity. 

Extensive details of the process are described in [7]. 

Conformal packages can be used to optimize space utilization in the development of high density cir- 

cuits. Several challenges must be addressed, however, when implementing a conformal package around 

lines that exhibit curves and bends. In Figure 4, a top and bottom view of the circuit and cavity geometries 

for the U-shaped lines are illustrated. In this arrangement, the corners of the package are potential candi- 

dates for severe rounding during the wet etch process as a result of undercutting. Since wet anisotropic 

etchants selectively attack the various crystal planes at different rates, it is difficult to achieve a good etch 

stop in the absence of orthogonal planes without the use of adequate compensation. 

Researchers, Bean and Abu-Zeid, discuss the use of anisotropic etching and corner etching issues in [8] 

and [9], respectively. A corner can be classified as concave1 or convex2 as seen in Figure 5. Wu found that 

convex surfaces are bounded by the fastest etching planes while concave corners are bounded by the slow- 

est etching planes [10]. As a result, concave comers are easily formed without undercutting and convex 

comers typically exhibit undercutting that can only be reduced with the incorporation of appropriately 

sized compensation geometries located at the respective corners. 

The compensation geometries used herein are squares and are implemented by centering each appropri- 

ately sized squares onto a convex corner (Figure 6). Through an iterative process, the best compensation 

square dimensions were found to be approximately 1.4 times the desired etched depth to produce the cor- 

ners seen in the upper cavity package of Figure 5. Since a two-step etch is used to form the package, via, 

and reduced thickness regions, the U-shaped geometries require two sets of convex corner compensation 

squares to produce desirable corner shape (See Figure 7). Each is designed to accommodate the final depth 

requirements for the deep (550 micron) and shallow (170 micron) regions in the conformal package3. This 

1. Convex (inside) comers are formed when two (110) crystal planes intersect to produce an interface that points inward. 

2. Concave (outside) corners are formed when two (110) crystal planes intersect.to produce an interface that points outward. 

3. Maximum etch time in the two-step procedure should not exceed the time required to etch the deepest region. In this work, 12 
hours is the maximum allowable etch time. 
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requirement is necessary in order to reduce the severity of undercutting observed in Figure 8 underneath 

the conducting line. 

IV. PERFORMANCE 

A. TESTING METHOD AND NOISE DEFINITION 

To accurately characterize the packaged planar design, s on-wafer measurement techniques are used 

that require coplanar waveguide based GGB PicoProbes (150 micron pitch), an Alessi High Frequency 

Probe Station, and an HP 8510C Network Analyzer. The test probes are de-embedded from the measure- 

ment data using a Short-Open-Load-Thru (SOLT) calibration even though LRM or TRL calibration meth- 

ods could have been chosen. To excite the microstrip line, a coplanar-to-microstrip transition is 

implemented and is shown in Figure 2. The performance of the open and packaged circuits is determined 

by measuring scattering parameters which are used to describe the electrical characteristics of each line. 

Coupling mechanisms associated with different circuit layouts are evaluated and then compared to the 

minimum reference noise value of the packaged system. Since several circuits were fabricated in this 

study, some data will reflect an average value and will be indicated by "avg." in the plots. 

Two types of noise are defined in this work: (1) non-contact and (2) contact. The non-contact noise is 

defined as the response when the probes are elevated above the circuit surface by 15 mm with a separation 

distance of 8.382 mm. This amount is identical to the separation found in the two U-shaped circuits in 

Design Layout B. The contact noise, which reflects an average value of different measurements, is defined 

as the excitation of a circuit at one port and the detection of transmitted signals in the package structure at 

different locations atop the circuit package (see Figure 9). In this measurement random propagating sig- 

nals are detected on the upperside of the package by placing the probe near the opening of the cavity ports 

in order to determine the maximum noise contribution from the packaged configuration. Figure 10 shows 

a comparison between the contact and non-contact noise measurements and indicates a strong similarity 

between the measurements even though the contact noise tends to be slightly higher between 20 and 30 

GHzbylOdB. 
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B. ELECTRICAL CHARACTERIZATION AND ISOLATION 

Section B.l presents a discussion on the electrical response of the circuits in Design Layout A and B 

which correspond to open microstrip and micromachined packaged configurations, respectively- Mea- 

sured data for the insertion loss are shown, total loss calculations are determined for each circuit type, and 

comparisons are made to identify the i nount of radiation generated in each layout type. Section 

B.2 focuses on the measured cross-talk in the two layouts, where emphasis is placed on the interactions 

observed in the open and packaged configurations with comparisons made between the circuit layouts 

and noise of the system. 

B.l CIRCUIT CHARACTERIZATION 

The performance of the straight delay line (13.392 mm) and the U-shaped bend (13.392 mm) in an open 

environment are compared in Figure 11. In the lower frequency range, the insertion loss is similar for both 

lines. As the frequency of operation increases above 15 GHz, however the U-shaped lines radiate at the 

comer generating substrate modes. The increasing insertion loss causes the signal to begin to exhibit an 

oscillating effect above 30 GHz. From the calculated total loss (1-1 Sll |2-1S1212), the U-shaped line can be 

as high as 65%, which is more than double the loss associated with the straight delay line. 

A similar comparison is made between the open and packaged bend design. As frequency increases, the 

open bend performance degrades rapidly due to parasitic radiation as seen in Figure 12 for the insertion 

loss and total loss of the open and packaged bend. By comparison, the packaged bend has a much flatter 

response in the total and insertion loss data. Even though these values are slightly higher than those 

observed in the straight delay line, the overall performance is much better compared to the open U-shaped 

circuit. The higher loss in this case is associated with the additional ohmic loss introduced by the top met- 

allization of the package. Radiation from the bend, on the other hand, has been eliminated in the packaged 

U-shaped design and shows similar total loss calculations to a straight line of similar length (see 

Figure 13). 
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B.2 CROSS-COUPLING AND CIRCUIT ISOLATION 

In Figure 14, the open microstrip structure has coupling as high as -20 dB in the mid-range for Design 

Layout A and even higher coupling near -10 dB at frequencies above 25 GHz in Design Layout B. These 

results indicate coupling levels have a strong dependence on layout configuration. Similar coupling mea- 

surements have been performed on the packaged versior of Design Layout B. In Figure 15, the inclusion of 

a lower package cavity into the design decreases the cross-coupling substantially by approximately 20 dB. 

With a complete package that includes upper and lower cavities, an additional 10 dB reduction is 

observed. These results demonstrate that advanced monolithic packaging can reduce coupling below - 

45dB, which is in close agreement to the non-contact noise measurement observed earlier when the probes 

were suspended in air. In Figure 16 the contact noise and the packaged design show similar coupling up to 

33 GHz. Above this value, the increased coupling in the contact noise measurement is associated with 

leakage that occurs at the input and output ports of the packaged line. 

C. SINGLE ANTENNA ELEMENT 

In Figure 17, a patch antenna is demonstrated in a packaged feedline configuration. In a top view illus- 

tration of the antenna element, Figure 17b, a portion of the microstrip feedline is printed on a reduced 

thickness substrate region. Two ground pads are also printed on the circuit surface for bonding and pack- 

age ground plane equalization. The package includes a window for the antenna element that has dimen- 

sions of 8.731 mm by 6.935 mm, which has a spacing of five times the substrate height (5h) between the 

window and antenna edge. This value ensures minimum interactions between the antenna radiation pat- 

tern and the package. 

The performance of the open and packaged design is shown in Figure 18. The packaged antenna shows 

noticeable increase in bandwidth, approximately 110% for SWR <1.8, compared to the open design. This 

suggests that the packaged antenna efficiency is increased and that the propagation in the feedline is less 

sensitive to the resonant frequency of the antenna due to improved TEM propagation characteristics (ß, 

Z0) of the line on the reduced thickness region. This demonstration, therefore, indicates the potential for 

extending advanced packaging concepts to planar antenna array applications. 

Monolithic Packaging Concepts for High Isolation in Circuits and Antennas 8/11 



RE-SUBMITTED TO TRANSACTIONS ON MICROWAVE THEORY AND TECHNIQUES - Jan 199S 

V. SUMMARY 

This paper demonstrates the substantial benefits of using advanced monolithic packaging concepts in 

planar circuit and antenna design. Specifically, we have demonstrated that electromagnetic coupling and 

parasitic radiation in high speed circuit interconnects and antenna feed networks can be eliminated by 

selectively packaging sections of planar circuits. The package developr ent is based on Si micromachining 

and can be implemented with standard IC processing techniques required to develop complex circuits. 

Advanced packages also offer significant performance improvements to circuits that exhibit high radia- 

tion. Furthermore, these packages reduce circuit interactions between high density interconnects and offer 

coupling levels that are comparable to the overall noise found in the packaged system. As a result, these 

findings show that monolithic packages are very feasible for developing high isolation in distribution lines 

and feeding networks commonly used in high-speed interconnect and antenna array applications. 
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Figure 1. Circuit Topology: (a) Open Microstrip on full thickness wafer and (b) Packaged microstrip 
on reduced thickness wafer. The circuits are supported on a membrane dielectric consisting of an 
oxide/nitride/oxide tri-layer of 4500/3500/7500Ä thickness, respectively. 
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Figure 2. Layout Configurations: (1) Design Layout A: Thru Line and U-shaped (Back-to-Back Right 
Angle Bend) line and (2) Design Layout B: Two U-shaped lines. 
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\ 

(a) (b) 

Figure 3. (a) Front view drawing of a microstrip printed on an inverted lower package with 
dimensions of A=850, B=100, C=400, D=150, E=210, F=380, G=750 and conductors that are indicated 
as hashed lines. All dimensions are in microns, (b) SEM photo of the inverted lower package 
developed during the two-step etch procedure. 
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(a) Upper Cavity Package (b) Circuit Layout (c) Lower Cavity Package 

Figure 4. Micromachined Packaged U-Shaped Bend Circuits, (a) Upper Cavity Package with probe 
windows (shown in black) for testing, (b) Circuit Layout of a microstrip line. Conductors appear as 
the dark color, (c) Lower Cavity Package shows reduced thickness region in the center of the U- 
shaped line and lower package channels in the outer white regions. 
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Figure 5. Photograph illustrating of convex and concave corners in the upper cavity of the package. 
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Comer Compensation Marks 

Figure 6. CAD drawing of the mask layout including the comer compensation required for the 
formation of the conformal package. The large square are located in the outer channels to form the 
package and the small squares are located in the inner channels of the reduced thickness regions. 
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to be etched 

Outer Crianrwl Step3: Lower package 
etched with the outer 
channels partially etched. 
See the compensation 
comers pointing to the 
channel. 
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p2: Close up of the 
regions to be etched with 
the compensations corners. 

Step 4: Final etch of the lower 
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Layout wiln Convex Corntr Compsnupon 

Figure 7. Process steps for the development of the Lower Package. 
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Figure 8. (a) Poor and (b) good compensation from the etch process. 
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from probe tip to 
probe tip 
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port 1 

probe window 

* * 

U-shaped Bend 1 

Figure 9. Grey blocks represent the probe window layouts in Design Layout B for the two U-shaped 
bends. Probing points in the contact noise measurement are indicated by stars at Port 1 for an input 
signal onto the conducting line at Port 2. 
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Figure 10. Noise data from Contact and Non-contact measurement. 
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Figure 11. Electrical response of open microstrip circuits in for a delay line and U-shaped bend. 
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Figure 12. Electrical response of an open and packaged U-shaped microstrip circuit. 
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Figure 13. Electrical response of a packaged U-shaped bend and microstrip delay line circuit of 
similar length. 
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Figure 14. Comparison of cross-coupling effects in open microstrip structures for Design Layout A 
between the thru and U-shaped bend and Design Layout B between the two U-shaped bends. 
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Figure 15. Cross-Coupling effects in Design Layout B for two U-shaped bends in open, lower half 
packaged, and full packaged designs. 
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Figure 16. Comparison of coupling between two packaged U-shaped bends and the contact noise 
measurement of the packaged system. 
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Figure 17. (a) Cross-Section of Packaged Antenna Configuration and (b) Top View of a microstrip 
patch antenna element of dimensions: A=2900, B=2200, C=2550, and D=1050. All dimensions are in 
microns. 
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Figure 18. Packaged antenna with a straight thru line configuration on a reduced thickness region. 
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ABSTRACT 

A novel approach has been taken to develop low cost, 
h ah frequency (Ka-band), electronic packages. An exist- 

2 thick film package for a phase shifter chip has been 
redesigned using silicon as the base material. This paper 
reports on the fabrication techniques and the measurement 
improvement found bv C0UPling siHcon micromachining 
techniques with standard IC processing. 

1.0 INTRODUCTION 

For several years, electronic packaging for microwave 
components and systems has taken the back seat to high 
frequency circuit design and development. While state of 
the art high frequency components and devices have been 
realized, the package has been found to cause system deg- 
radation with increased frequency. The electronic package 
provides physical and thermal protection as well as inter- 
connection to subassemblies. In recent years, packaging 
has received increasing attention and efforts are underway 
to produce low cost, high quality, high frequency struc- 

tures. 
As a result, MCMs, hybrid and monolithic packages 

have been developed using cofired ceramic, printed wiring 
board and thick and thin film technologies. In addition to 
package design there has been a serious effort in develop- 
ing commercial modeling tools that can predict the perfor- 
mance of packages in the circuit environment [1]. At this 
time, high quality packages are being made which tend to 
be quite expensive and excessive in volume and weight, 
characteristics that prevent them from wide use [2]. 

In view of the above, the capability to create a low cost, 
low weight and volume package which operates at high 
frequency, demonstrates high bandwidth characteristics, 
and offers physical protection while not degrading perfor- 
mance, would provide major advances in packaging. At 
The University of Michigan we have been able to success- 

fully incorporate IC processing techniques with silicon 
micromachining to fabricate silicon-based packages for 
discrete and monolithically integrated components. Given 
the knowledge base developed in silicon micromachining, 
the goal is lo lake advantage of the electrical and mechani- 
cal properties of single crystal silicon so as to create low 
cost, high precision, miniature microwave and millimeter 
wave packaged components. 

2.0 BACKGROUND/DESIGN/FABRICATION 

Recent work, [3], has led to the development of self- 
packaged components that have excellent isolation from 
neighboring elements in addition to individual component 
protection. Self-packaged silicon components are an alter- 
native to conventional structures, appropriate for low cost, 
low volume, miniaturized high density subsystems. 

Silicon is the best substrate to use when it comes to high 
frequency packaging components. The mechanical proper- 
ties as presented by Petersen [4] are excellent and compa- 
rable to certain metals. Using micromachining and IC 
processing techniques, via hole diameter and Hnewidth 
dimensions are the smallest possible, which is very much 
desired for the reduction of high frequency parasitics. The 
thermal conductivity of Ga As, In P, and Ge (80,65,68), 
(W/(m*K)) creates problems with heat dissipation. As 
compared to 92% alumina (18), Si (135) is an excellent 
heat sink, which makes it a very good packaging material 
[5]. By combining the electrical and mechanical advan- 
tages of silicon, low cost batch fabricated packaged com- 
ponents can be incorporated on-wafer to increase circuit 
density while remaining low in volume. 

A package fabricated by Hughes Aircraft for NASA 
Lewis served as the model for this design. The high tem- 
perature cofired ceramic (HTCC) process is used to 
develop an alumina (92% pure, er=9.5) hermetic package 
for a phase shifter chip (Figure 1). This package was repro- 
duced using high resistivity silicon (£,.= 11.7).  Figure 2 
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shows [he package layout (5 layers) and the through line 
used for characterization. A metal base is.used for support, 
uhilc an upper metallization layer and top lid arc used to 
seal the package A silicon substrate layer is used for RF 
input/output and DC bias lines. A hole is etched through 
the wafer for chip placement and a set of six microma- 
chined vias are placed along the left and right of the IC for 
electromagnetic shielding. These vias are used in the seal 
frame layer as well. A center hole in the seal frame is 
etched for IC placement and two outer holes are used for 
wafer probing. The package dimensions are 7.112 x 7.112 
x 1.27 mm. The alumina and silicon package differ in bias 
line width (smaller for silicon) and three ultrasonic wire 
bonds are used to connect the silicon package and IC as 
opposed to four in the alumina package. The vias and 
input/output microstrip feedline in the alumina package are 
displaced from the center for application reasons whereas 
the square vias and feedline are symmetric in the silicon 
design. 

Conventional thin film processing technology is utilized 
to fabricate the package. A 50 ohm through line is used to 
characterize the effect of the package which incorporates 
sections of microstrip, stripline and shielded microstrip. 
Silver epoxy is used to attach the lid and provide the con- 
nection between the upper and lower metallization surfaces 
(electromagnetic shielding). Given the measurement setup, 
a 50 ohm grounded coplanar waveguide (GCPW) to 
microstrip transition is used (Figure 3). Via holes are 
etched to provide connection between the upper and lower 
metal surfaces. The via holes required in this package are 
developed by anisotropic etching using ethylene diamine 
pyrocatechol (ED?). Three microns of electroplated Au are 
used as the metallization for the package and IC (through 
line) (Figure 4). 

3.0 RESULTS 

anJ reflect-, a substantial reduction comp.ircJ i■■ ,. op- 
tional colireJ ceramic packages 

4.0 CONCLl S!0\ 

Wc have shown that it is possible to develop silKl,n. 
based packages for discrete components usm;c thin ii|„, 
processing and micromachimng techniques This ettort K 

less expensive and outperforms us HTCC counterpart T|)K 

packaging approach can be extended to provide advanced 
packaging techniques where discrete as well as integrated 
components can be hosted by the same silicon wafer. 
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The silicon package described earlier is characterized 
experimentally using an HP8510C Network Analyzer, and 
an Alessi probe station with 150 \im pitch GGB Pico- 
probes. A Thru-Reflect-Line (TRL) calibration was per- 
formed to deembed effects up to the open microstrip 
feedline. 

Figures 5 and 6 show the insertion loss and return loss, 
respectively, for the alumina and silicon-based package. 
Over the whole frequency range, the insertion loss of the 
silicon package is better than that of the alumina package 
by 0.5 dB. The return loss for the silicon package is mostly 
attributed to the ohmic loss of the through line for which 
measured values are shown in Figure 7. The observed 
irregularity in the alumina package suggests parasitic 
effects not related to impedance mismatch. The estimated 
cost for the Si package (batch processing) is less than $1 

Figure 1   HTCC hermetic package designed by NASA 
Lewis. 
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Figure 2 3-D view of package layers and actual CAD drawing with all layers superimposed. 

Figure 3  Photograph of probe window with GCPW to 
microstrip transition for on-wafer probing. 
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Figure 4  Micromachined silicon-based package. 
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Abstract 

The performance of FGC lines on GaAs and quartz for high frequency MMIC applications is ex- 

perimentally investigated in this paper. The FGC lines on GaAs are covered with a thin layer of 

polyimide for passivation purposes. Permittivity and attenuation characteristics for these lines up 

to 118 GHz are presented and compared with the corresponding characteristics of FGC lines on a 

quartz substrate, commonly used for millimeter wave applications. The impact of different char- 

acteristic impedance values in attenuation properties for both GaAs and quartz is also addressed. 

Results indicate that the loss on the lines does not depend on the substrate material but rather on 

line geometry. All the lines tested show low loss and low dispersion characteristics. 



1    Introduction 

The Finite Ground Coplanar (FGC) transmission line is a modified Coplanar Waveguide (CPW) 

structure with improved performance at millimeter wave frequencies [1]. It consists of three strips. 

one for the signal and two for the ground, similar to the the CPW line, but with ground strips 

that are narrow. A back-side conductor is optional for the FGC line since the characteristics are 

independent of back side metallization. The main advantage of the FGC lines is that they do 

not support parallel-plate waveguide modes and as a result do not require via-holes for ground 

equalization. These vias introduce parasitics and increase fabrication complexity. The permittivity 

and attenuation characteristics of FGC lines on GaAs and Si have been extensively investigated 

by Brauchler [2]. Experimental results show that a nearly TEM mode propagates over a wide 

frequency range (2-118 GHz) and that loss is mainly ohmic. The use of full thickness substrates 

and the elimination of via holes for mode suppression will reduce the cost and complexity of MMIC 

design and fabrication at millimeter wave frequencies. The purpose of this short paper is to discuss 

the effect of polyimide passivation on these lines and to compare lines with different dimensions on 

both GaAs and quartz substrates. The results confirm the excellent performance of the FGC lines 

on GaAs. 

High performance line structures are an important part of MMIC design and fabrication at 

millimeter wave frequencies [3]. Conventional microstrip lines have increasing dielectric loss with 

frequency. One solution to this problem is to use a low loss material such as quartz as a sub- 

strate. However, this requires bonding active circuits onto the quartz, which increases fabrication 

complexity especially at higher frequencies, while at the same time the requirement for thinned 

substrates for microstrip or via holes for CPW is still important to satisfy. FGC lines are conduc- 

tor loss dominated, so the use of semiconductor substrates will have a small effect on the line loss 

properties. Furthemore, passivation is also an important part of MMIC fabrication. Polyimide is 

a well characterized dielectric material that has been extensively used in the past as a passivation 

layer and as a substrate for the fabrication of microstrip lines [4]-[5]. In this paper we investigate 

the effect of a thin polyimide coating on top of the GaAs FGC lines and compare their performance 

with low loss quartz based lines. The cross section of the fabricated FGC lines can be seen in Fig.l. 

Four configurations have been fabricated and tested: -a) FGC lines on GaAs with Zo=40, 50 and 

60 tt, b) FGC lines on GaAs with a 2 /xm thick polyimide overlay and Z0 = 50 tt, c) FGC lines on 



GaAs with a 3 /xm thick polyimide overlay and Z0 = 50 n and d) FGC lines on quartz with Z„=7U. 

90 and 100 Q. 

2 Fabrication 

FGC lines have been fabricated on a 525 /xm thick semi-insulating GaAs wafer and a 165 /xm thick 

quartz wafer. The FGC line signal-strip (w), slot (s) and ground-strip (wg) widths are 50, 45, 160 

/xm, respectively and correspond to a 50 tt line for GaAs substrate and to 90 Q for quartz substrate. 

The lines have been created by using standard lift-off process with a total metal thickness of 1 /xm. 

After the lines are formed, polyimide Pyralin PI2545 is spun at 4 Krpm and 2.5 Krpm on top of 

the lines for two GaAs wafers, in order to get a thickness of 2 /xm and 3 /xm respectively. The 

pre-cure temperature for the polyimide film is 140° C and the hard-cure 200° C while the baking 

time is set to 30 minutes and 3 hours respectively. At the beginning and the end of the FGC lines 

the polyimide is chemically etched in order to allow the probe tips of the measurement system to 

be in electrical contact with the lines. The relative dielectric constant of the polyimide film is 3.5. 

The test FGC lines consisted of a thru line with a length of 1.0 mm, a short with a length of 0.5 

mm and 3 delay lines with 1.388 mm, 4.106 mm and 10 mm lengths respectively. 

3 Results and Discussion 

All of the mesurements for the FGC line characteristics have been performed with an HP8510 

network analyzer and a probe station using a variety of RF probes. De-embeding is achieved by 

performing a Thru-Reflect-Line (TRL) calibration with the help of Multical [6], a measurement 

program available from NIST. This program also provides the effective dielectric permitivity and 

attenuation characteristics of the lines under test, from the delay line measurements. 

The effective dielectric constant of the various line configurations is shown in Fig. 2. As can be 

seen, the nearly constant behavior of eeff over the entire frequency range indicates the propagation 

of a nearly pure TEM mode. In addition, we observe that the thin film of polyimide is responsible 

for a slight increase in ee// for both the 2/xm polyimide (1.4%) and the 3/xm polyimide (2.8%) 

when compared to that of bare FGC lines. This increase is more pronounced at higher frequencies. 

However, ee// is comparable with that of bare lines over the entire frequency range , indicating 



that the addition of polyimide does not significantly change the propagation characteristics of the 

lines. 

Fig. 3 shows the attenuation per physical length for the four different cases. The straight line 

between 60 and 70 GHz represents a gap in the data. As can be seen, the polyimide increases 

the attenuattion constant with the effect being more pronounced in W-band (12%) and for the 

thicker polyimide (23% in W-band). The quartz has the smallest attenuation for all the lines. This 

lower loss when measured in dB/cm is due to the lower effective dielectric constant and higher 

characteristic impedance of the FGC line on quartz (90 0 compared to 50 fi for GaAs). Since in 

most microwave circuits lengths are expressed in terms of wavelengths, the attenuation per guided 

wavelength for the four different lines has been evaluated and is shown in Fig. 4. The results are 

comparable for all four cases with GaAs (bare or with polyimide) being slightly better than quartz. 

This indicates that the loss of FGC lines is ohmic in nature and independent of the substrate 

material. As a result, FGC lines are very good candidates for high frequency application circuits. 

Furthemore, we can conclude that the thin layer of polyimide that covers the FGC lines on GaAs 

for passivation purposes does not increase the total loss of the lines. 

Since the characteristic impedances for the lines investigated were different for GaAs and quartz, 

additional lines with varying dimensions and impedances have been fabricated. The impedance 

range for the two substrates corresponds to a convenient range for line fabrication. The line 

dimensions and the corresponding Z0 can be seen in Table 1. From the measured attenuation per 

physical length, the attenuation per guided wavelength has been evaluated and can be seen in Fig. 5 

for GaAs and Fig.6 for quartz. From Fig. 5 we observe that the 50 and 60 tt lines have practically 

the same attenuation while for the 40 ti line there is an increase of about 100% at 60 GHz which 

is the center of the entire frequency range. Similarly, from Fig. 6 we observe that the attenuation 

for the 90 and 100 Q lines is almost the same and that the 70 Q, line exhibits a 60% increase from 

the other two lines at 60 GHz. We should note here that the small ripple observed in the 90 and 

100 ft lines is due to ripple in the mismatched measurement system. 

In order to better understand the behavior of the FGC lines versus impedance, the measured 

attenuation per physical length data have been curve fitted to a a + byff function and the extracted 

functions have been used in order to evaluate the attenuation per guided wavelength for three 

different frequency points in the center of each measured band. The final results can be seen in 



Table 1: Geometrical characteristics for fabricated lines 

substrate w (/im) s {fim) ZoiSi) 

GaAs 50 15.45 40 

GaAs 50 64.5 60 

Quartz 50 18.61 70 

Quartz 50 64.5 100 

Figs. 7-9 for both quartz and GaAs. From these figures we observe that the attenuation decreases 

as the impedance increases in a non-linear way. In terms of loss in dB/Afl a 50 or 60 ft line on 

GaAs is equivalent to a 90 ft line on quartz. However, we should note that the 50 ft and 60 

ft GaAs lines have the same geometrical dimensions with the 90 ft and 100 ft lines on quartz 

respectively, indicating a strong dependence of the total line loss on the geometrical characteristics 

rather than the substrate material and thickness. This feature makes FGC lines ideal for high 

frequency MMIC's. 

Having found that in terms of loss GaAs and quartz are equivalent for the same FGC geometry, 

the choice of material for a substrate depends on other design criteria. If low cost is a major issue 

then quartz can be chosen with the active devices being flip-chip bonded to it. On the other hand 

if the active devices must be monolithically integrated with the rest of the circuitry, then GaAs is 

more appropriate with a thin overlay of polyimide for passivation. GaAs is also more suitable for 

applications above 120 GHz where the flip-chip bonding process increases fabrication complexity 

considerably. 

4    Conclusions 

FGC lines on GaAs with a thin overlay of polyimide have been fabricated and tested. Experimental 

results show a negligible increase in the effective dielectric constant and a small increase in the 

attenuation per physical length, when compared with bare FGC lines on GaAs. The attenuation 

per physical length of FGC lines on GaAs with or without polyimide is higher than that of FGC 

lines on quartz. The attenuation per guided wavelength, however, is almost the same for all types of 



lines investigated in this paper, indicating that the total loss of FGC lines with the same geometry 

is independent of the substrate material. This allows for the use of a thin layer of polyimide over 

FGC lines on GaAs without increasing the total loss in actual circuits while providing passivation 

at the same time. In addition, the attenuation of the lines decreases in a non linear fashion versus 

characteristic impedance. Finally, FGC lines with a polyimide overlay can be used in millimeter 

wave receivers and transmitters fabricated on GaAs, where the active devices are monolithically 

integrated with the other circuitry and do not need to be flip-chip bonded as in the case of quartz. 
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Figure Captions 

Fig.l FGC lines on GaAs with a polyimide overlay. 

Fig.2 Effective dielectric constant vs. frequency for the various FGC lines. 

Fig.3 Attenuation per physical length vs. frequency for the various FGC lines. 

Fig.4 Attenuation per guided wavelength vs. frequency for the various FGC lines. 

Fig.5 Attenuation per guided wavelength for lines on GaAs with different Z0. 

Fig.6 Attenuation per guided wavelength for lines on quartz with different Z0. 

Fig.7 Attenuation per guided wavelength vs. characteristic impedance for lines on GaAs and 

quartz at f=19.1 GHz. 

Fig.8 Attenuation per guided wavelength vs. characteristic impedance for lines on GaAs and 

quartz at f=50 GHz. 

Fig.9 Attenuation per guided wavelength vs. characteristic impedance for lines on GaAs and 

quartz at f=94 GHz. 
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Figure 1: FGC lines on GaAs with a polyimide overlay. 



8i .  

>  

6h 

HI 

-: Bare GaAs 

— : 2 microns polyimide 

-.: 3 microns polyimide 

quartz 

'0 20 40 60 80 100 120 
Frequency (GHz) 

Figure 2: Effective dielectric constant vs. frequency for the various FGC lines 



5- 

E4 
o 

CO 

•*-> 

C 
CD 

0 

-: Bare GaAs 

— : 2 microns polyimide 

-.: 3 microns polyimide 

..: quartz 

1 "   ^ 

0 20 40 60 80 
Frequency (GHz) 

100 120 

Figure 3: Attenuation per physical length vs. frequency for the various FGC lines 

10 



4.5 

c?3.5 
0 
O 
(0    3 

§2.5 
c 
.2    2 *-* 
CO 

§1.5 
3=: 
< 

1 - 

0.5 

0 
0 

-: Bare GaAs 

— : 2 microns polyimide 

-.: 3 microns polyimide 

..: quartz 

20 40 60 80 
Frequency (GHz) 

100 120 

Figure 4: Attenuation per guided wavelength vs. frequency for the various FGC lines 

11 



Es 
O 

|4 

GO 

40 Ohms 

: 50 Ohms 

: 60 Ohms 

40 60 80 
Frequency (GHz) 

120 

Figure 5: Attenuation per guided wavelength for lines on GaAs with different Z0 

12 



O 

l4 
CD 

I3 

h 
1- 

0 
0 

..: 70 Ohms 

-: 90 Ohms 

—: 100 Ohms 

20 40 60 80 
Frequency (GHz) 

100 120 

Figure 6: Attenuation per guided wavelength for lines on quartz with different Z0 

13 



■■- ■ i 

91 

 1 1 1 1 — 1- '                    i 

1.3 - 

*:GaAs 

'w
av

el
en

gt
h)

 o 

\                 o:quartz 
\ 
\ 
\ 
\ 
\ 

GO     1 \ 

A
tt

en
ua

tio
n 

o
  
  

  
 o

 
bo

  
  
  

 c
o 

\ 
\ 

1                                                                                                                        s 

0.7 

i 

^>—        w    ,  ., y                                                                                 ~~ --n  ££ .                              A>                                                                                                                                                                                   U 

1                                              1                                              I                                              1 1 1  

40 50 60 70 80 90 100 
Impedance Zo (Ohms) 

Figure 7: Attenuation per guided wavelength vs. characteristic impedance, for lines on GaAs and 

quartz at f=19.1 GHz 

14 



40 50 60 70 80 90 100 
Impedance Zo (Ohms) 

Figure 8: Attenuation per guided wavelength vs. characteristic impedance for lines on GaAs and 

quartz at f=50 GHz 

15 



0.55 

0.5 

*-* 

.io.45 
> 
CO 

c 
o 

fo.35 
CD 

< 

0.3- 

0.25 

1  1 1 1 1            i —     1 

- *:GaAs - 

- 
q                o:quartz 

i 
\ 
\ 
\ 
\ 

- 

\ 

1                                                                                                  s 

 O 

i 1                     1                     1                     1                     1 i 

40 50 60 70 80 90 100 
Impedance Zo (Ohms) 

Figure 9: Attenuation per guided wavelength vs. characteristic impedance for lines on GaAs and 

quartz at f=94 GHz 

16 



/-Ac *-:> 

ree- 
• ave 
as". 

:etic 
(E), 

rop- 

ency 

the 
ectal 

WAVELET-BASED MODELING OF WIRE ANTENNAS AND 
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I.   INTRODUCTION 
nted 
onaJ During the past two decades, the method of moments (MoM) has widely been used to analyze wire 

antennas and scatterers in open boundary environments. This has led to the emergence of popular 
computer codes such as NEC and its derivatives, that are able to treat complex wire structures with a high 
degree of accuracy. These codes are of great practical interest not only due to the importance of wire 
antennas as popular radiating elements, but because many sophisticated structures can be modeled using 

leral wiregrid equivalents amenable to the thin-wire approximation. 
>ept. 

Although theoretically, the conventional MoM-based codes offer infinite capability in view of 
complexity of the wire structure, they have a limited scope in practice due to the fullness of the moment 
matrices. As the number of unknowns increases, so does the size of the linear system to be solved. The 
treatment of very large linear systems often poses three major computational problems: 1) memory usage 
for the storage of the system, 2) computation time for inversion of the system, and 3) stability of the 

srop. numerical solution. The storage dilemma has traditionally become the bottleneck of conventional 
integral-based numerical techniques. Computational speed is another major issue which quickly turns 
into a limiting factor when solving full linear systems. This is especially critical if the full-wave 
simulation is part of the antenna design process. In the meantime, large densely populated moment 
matrices suffer from poor condition numbers. This fact leads to some adverse consequences which 
directly affect the computational cost. For instance, to achieve numerical stability, it is often necessary to 
maintain a very high degree of precision in the numerical evaluation of the moment integrals. Poor 
condition numbers also deteriorate the convergence of iterative linear system solvers. 

In the past couple of years, the newly developed theory of multiresolution analysis has opened new 
horizons for the application of the method of moments by making it possible to generate highly sparse 
linear systems [l]-[5]. It has been demonstrated the due to the cancellation property of wavelet basis 
functions, a wavelet-dominated moment matrix can be thresholded to render it highly sparse. The error 
introduced to the system solution due to the thresholding process can be kept minimum depending on the 
thresholding scheme and the threshold level. Retaining a high level of accuracy in spite of discarding a 
sizable number of negligible matrix elements is a clear indication of the improvement in the system 
condition number. This phenomenon originates from the mathematical properties of the multiresolution 
analysis leading to matrix regularization. An interesting and unique feature of multiresolution expansions 
is the fast wavelet transform (FWT), which establishes a recursive relationship among the basis functions 
at different resolution levels. When implemented, this algorithm can improve the computational 
efficiency by speeding up the matrix fill process in many cases. The wavelet concepts have been applied 
successfully to the modeling of printed microwave circuits and antennas, dielectric structures and 
scattering from two-dimensional geometries, to name a few [2]-[5]. 
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In this paper, we investigate the modeling of w.re antennas and scatteres us.ng interval!« 
multt o uon^xpans.ons. It will be show, how the fast wavelet transfonnJ^T) can easily wnsfonn 
rS «solution grid mto a muluresolution wavelet-dominated gnd The radiation and cattenng 
propfme of varied wire antenna arrays will be examined, and the major improvements in the 
SSi speed, memory usage and numencal convergence of the solution w.ll be discussed. 

II. FORMULATION 

The formulation of the wire structure in this paper is based on the generalized Pocklington integral 
SnatiTHder to avoid the source singularity of the free space Green's function, the ihn. wire 
SproxLL is utilized. In other words, filament currents are assumed at the center of the conducting 
w£s for MoM expansion, and the testing procedure is carried out on the surface of the wire. Denoting 

by CKrir') the free space Green's function: 

G(rlr') = 
4*|r-rV 

(1) 

one can then write: 

LE'OOWfcoZoJ §.§7(5') + 
1   dl(s') d 

k*     ds'    ds 
G(rlr')<fc', (2) 

where ko and Zo are the free space propagation constant and characteristic impedance, "*^«^tte 
sie curve C ttaces the wire geometry, and s is the unit tangent vector along thxs curve. In the method 
of« the unknown wirfcurrent I(s) is discretized using a suitable set of bas.s functions.Pulse 
rt»X. cubic spline and piecewise sinusoidal functions are some of the popular choices for the 
SSn basis The discretized integral equation is then tested using a suitable testing scheme to 
See a system of linear algebraic equations. Point matching and Galerkin's technique are the most 
Sy us JS schemes UTMOM imitations. Once the linear system is solved^and the unsown 
«pan'sion coefficfents are determined, the current distribution on the wires and »J^f »f *^J 
characteristics of the antenna such as input impedance, radiation pattern, beamwidth, etc., can easily be 

calculated. 

In a wavelet-based MoM implementation of the wire structure, the unknown wire current is expanded 
in a^ltosotoio^basis, confuting scaling functions at the lowest resolution level plus wavelets at tins 
Z %£2SSZ£L up the Lired degree of accuracy. We f^J^^w£^X 
analvsS (MRA) which is naturally defined over a bounded interval. Specifically, the B-splrne interval ic 
Ä i u^m^s pair Intervall* expansions contain inner basis functions idenücal to the regular 

form: 

AC'OX») N: 

n=l M 

N„("(m) 

y   OV(2m*-">+X W(2'x) 

(3) 

n=I 
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where M is the highest resolution level required in the problem, CMX) and ytxt are the inner scaling 
function and wavelet, respectively, and Oi'cl('x) and v:'e'(x) are the edge scaling functions and wavelets. 
respectively. Note that the number of shifted inner scaling functions and shifted inner wavelets depend 
on the resolution levels, while the number of edge scaling functions and edge wavelets are independent 
of the resolution levels and depend only on the order of the intervallic MRA. According to the definition 
of the MRA, the expansion of equation (3) is equivalent to the following high-resolution expansion made 
up of only scaling functions: 

/(*)"      I     cn
lil<K2Mx-n)+ I   c/'>/"(2wx). (4) 

n=l /=! 

The equivalence between the two expansions (3) and (4) is a very important feature of the MRA, 
which indeed forms the basis of the fast wavelet transform (FWT). Using this algorithm, it suffices to 
compute the expansion coefficients of only scaling functions at the highest resolution level. The 
expansion coefficients of all other basis functions at lower resolutions can be computed recursively from 
these high resolution scaling coefficients. The aforementioned equivalence can be exploited in a very 
useful way. Suppose that the wire structure has already been discretized using a high resolution grid, and 
the impedance matrix has been computed at this resolution level. A MoM expansion composed of only 
high resolution scaling functions leads to a full moment matrix as discussed before. However, using the 
FWT, one can transform the high resolution scaling-only grid into a wavelet-dominated multiresolution 
grid at lower resolution levels. It is now the cancellation effect of the wavelet basis functions which will 
render the impedance matrix highly sparse. It should be noted that such transformation does not involve 
the tedious numerical integration task, which is carried out once during the computation of the original 
high resolution scaling-only matrix. 

ID. RESULTS AND CONCLUSION 

The formulation developed in the previous section has been applied to a variety of wire antennas and 
scatterers including dipole arrays, loops, helical and other curvilinear antennas, etc. In all cases, the 
geometry of the antenna or scatterer is parameterized appropriately, and integral equation (2) is 
implemented. The structure is first discretized using a high resolution scaling grid. At this stage, one can 
employ the symmetries of the geometry, if any, to speed up the matrix fill process. Then using the fast 
wavelet transform, a wavelet-dominated multiresolution grid is generated, and its associated impedance 

d matrix is computed from the original matrix through simple digital filters. The resulting sparse matrices 
JS are thresholded by discarding all the elements whose magnitudes fall below a certain threshold level with 
n respect to the largest matrix element. Two or three resolution levels are typically used for the 
c multiresolution grid, and normally threshold levels as high as 0.1% yield very satisfactory results. This is 
ir mostly due to the fact that the singularity of the kernel of the integral equations is avoided through the 

sy use of the thin wire approximation. Another important feature of this formulation is that in large 
ng structures which involve a large number of basis functions spread all over the geometry, it is possible to 

identify all negligible interactions which will be subject to thresholding. This pre-sorting is based on the 
premise that the Green's function is a function of only the distance between the source and observation 
points and not their absolute .positions. A major acceleration of the matrix fill process can thus be 
achieved by skipping the numerical evaluation of the trivial interactions. After the impedance matrix has 
been rendered sparse due to thresholding, a sparse-based preconditioned biconjugate gradient (BiCG) 

-' solver is employed to solve the linear system. Due to the improvement of the system condition number, 
the BiCG solver usually converges very fast. 
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A, ,n examnle here we consider a two-element and a three^lement array of full-wavelength d.poles of 

While the resulting wavelet<lominated matrices exhibit sparsity levels of 837c and 94.3% to ^^Z 
!S .h«!cte™m arrays respectively. In particular, when the far-Held characteristics are of primary 
SlÄ^me J2T2 raised to a much higher value without affecting the radiation pattern 
'S^SES^Z** including different types of wire antennas will be presented at the 

conference. 
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Abstract- A Multigrid 2-D Finite Difference Time 
Domain (FDTD) technique based on Multiresolu- 
tion analysis with Haar wavelets is used to ana- 
lyze structures such as an empty waveguide and a 
shielded stripline. The results obtained are compared 
with those computed using a finer resolution regular 
FDTD mesh. This comparative study illustrates the 
benefits of using wavelets in FDTD analysis. 

I    Introduction 
Multiresolution Time Domain (MRTD) Technique 
is a new approach to solving time domain prob- 
lems. This technique uses Multiresolution Analy- 
sis (MRA) to Discretize Maxwell's equations in 
time domain and demonstrates excellent capability 
in solving Electromagnetics problems [1], [2]. De- 
pending on the choice of basis functions, several dif- 
ferent schemes result, each one carrying the signa- 
ture of the basis functions used in MRA. It is also im- 
portant to note that the design of an MRTD scheme 
can be accomplished using one's own application- 
specific basis functions. MRTD technique using 
Haar scaling functions results in the FDTD technique 

[3]. 

Recently, an FDTD multigrid using the Haar wavelet 
basis has been developed and it has been demon- 
strated that such a scheme exhibits highly linear dis- 

persion characteristics [3]. Motivation for this work 
stems from the theory of MRA which says that a 
function which is expanded in terms of scaling func- 
tions of a lower resolution level, ml, can be im- 
proved to a higher resolution level, m2, by using 
wavelets of the intermediate levels. In other words, 
expanding a function using scaling function of res- 
olution level ml and wavelets up to resolution level 
m2 gives the same accuracy as expanding the func- 
tion using just the scaling functions of resolution 
m2. However, the use of wavelet expansions has ma- 
jor implications in memory savingsdue to the fact 
that the wavelet expansion coefficients are signifi- 
cant only in areas of rapid field variations. This al- 
lows for the capability to discard wavelet expansion 
coefficients where they are not significant thereby 
leading to significant economy in memory. Different 
resolutions of wavelets can be combined so as to lo- 
cally improve the accuracy of the approximation of 
the unknown function. This, combined with the fact 
that wavelet coefficients are significant only at abrupt 
field variations and discontinuities allows MRTD to 
lend itself very naturally to a Multigrid capability. 

In this paper, a 2D MRTD scheme based on Haar ba- 
sis functions (first order resolution) is developed and 
applied to solve for the Electromagnetic fields in a 



waveguide and a shielded stripline. The results ob- 
tained are compared with those computed using con- 
ventional FDTD technique. It will be shown that the 
wavelet coefficients are significant only at locations 
with abrupt field variations. This facilitates in ob- 
taining accurate solutions by combining the wavelet 
and scaling coefficients only in regions where the 
wavelet coefficients are significant (discontinuities). 

II   The 2D-MRTD scheme 
Consider the following 2-D scalar equation obtained 
from Maxwell's H-curl equation: 

dEx     dHz 

dt dy + ßüy (1) 

This equation can be rewritten in a differential oper- 
ator form as shown below: 

Li(h(x,y,t)) + L2(f2(x,y,t)) = g (2) 

where L\ and L2 are the operators and /i (x,y,t) and 
/2(x,y,t) represent the electric/magnetic fields. We 
now expand the fields using a Haar based MRA with 
scaling functions 4> and wavelet functions ip [3]. The 
field expansion can be represented as follows: 

f(x,y,t) = [A][<t>(x)4>(y)} + {B}[4>(x)4iy)} 

+[C][f(x)cß(y)}+[D]tt(xW(y)}     (3) 

where [^(x)^(y)], [^(x)^(y)], [^(x)^(y)] and 
[V>(x)V>(y)] represent matrices whose elements are 
the corresponding basis functions in the computation 
domain of interest and [A], [B], [C], [D] represent 
the matrices of the unknown coefficients which give 
information about the fields and their derivatives. 

Application of Galerkin's technique leads to four 
schemes which can be represented as follows: 

< [<f>4>], Li(fi) + L2(f2) >=< [U],9>- UScheme 

< [Wl Lx{h) + L2(f2) >=< [Wl9 >-WScheme 

< [il><l>], Li(fi) + L2(h) >=< [i><t>},9 > ^Scheme 

< [ipi>], Liifx) + L2{f2) >-< [iprp],g>: ^Scheme 

From this system, we obtajn a set of simultaneous 
discretized equations. For the first resolution level of 
Haar wavelets, the above four schemes decouple and 
coupling can be achieved only through the excitation 
term and the boundaries. 

The shielded structures analyzed here are terminated 
at Perfect Electric Conductors (PEC) and the bound- 
ary conditions are obtained by applying the natural 
boundary condition for the electric field on a PEC as 
shown below: 

E*U(x)<Kv) + Et*d>{x)il>{y) + Et*iix)4>(y) + 
-I'M' +Eri>(xH>{y) = O....AtPEC. 

where Ef*, Ef*, Ef6 and E?* are the scaling and 
wavelet coefficients of the tangential electric field at 
the boundary nodes. 

The above equations are discretized by the use of 
Galerkin's method which results in a set of matrix 
equations of order N = M+l where M is the order 
of the considered wavelet resolutions. These equa- 
tions are solved simultaneously with the discretized 
Maxwell's equations to numerically apply the correct 
boundary conditions. 

Ill   Applications of 2D FDTD Multi- 

grid and Results 
The 2-D MRTD scheme derived above has been 
applied to analyze the Electromagnetic fields in a 
waveguide and a shielded stripline. 

(a) Waveguide: An empty waveguide with cross- 
section of 12.7 x 25.4 mm is chosen. A coarse 5x8 
mesh is used to discretize this mesh and 2D MRTD 
technique was applied to analyze the fields in this ge- 
ometry. Fig. 1 shows the amplitudes of the wavelet 
and scaling coefficients of the electric field obtained 
by using MRTD technique. From this figure it can be 
seen that only the <f>(j> and 4>ip coefficients make a sig- 
nificant contribution to the field and that the contribu- 
tion of tp4> and t/'V' is negligible. From the computed 

(4) 



coefficients, the total field is reconstructed using an 
appropriate combination of the scaling and signifi- 
cant wavelet coefficients. For the waveguide chosen 
here, elimination of the wavelet coefficients that have 
no significant contribution leads to 480 unknowns. 
The reconstructed field obtained by this mesh has the 
same accuracy as that of a 10x16 FDTD mesh with 
960 unknowns which is in agreement with the theory 
of MRA. Fig. 2 shows the results of this comparison 
and demonstrates that the use of multigrid scheme 

provides a 50% economy in memory. 

(b) Shielded Stripline : Next, a stripline of width 
1.27mm is considered. It is enclosed in a cavity of 
area 12.7 x 12.7 mm so that the side walls are suf- 
ficiently far away to not affect the propagation. The 
strip is placed 12.7mm from the ground. A 40 x 40 
mesh is used to analyze the fields in this geometry 
with the 2D MRTD technique. Fig. 3 shows the de- 
rived scaling and wavelet coefficients of the fields 
just below the strip. From the figure, it can be seen 
that among the wavelet coefficients, only ip4> makes 
a significant contribution close to the vicinity of the 
strip where the field variation is rather abrupt. Fig. 4 
shows the comparision of the total reconstructed field 
in the 40 x 40 MRTD mesh with that of a 40 x 40 
and 80 x 80 FDTD mesh. From the figure it is clear 
that the field computed by 40 x 40 MRTD mesh using 
only the significant wavelet coefficients follows the 
results of the finer 80x80 mesh very closely, demon- 
strating once again the significant economy in mem- 
ory as illustrated in Table 1. Fig. 5 shows the Normal 
Electric field plot of the strip and the variable mesh 
resulting from MRTD. 

IV   Conclusion 
A Haar wavelet based 2D MRTD scheme was devel- 
oped and applied to analyse the fields in a waveguide 
and a shielded stripline. The wavelet coefficients ob- 
tained are significant only in regions of rapid field 
variations. Thus the FDTD multigrid capability us- 
ing MRTD technique has demonstrated significant 

Table 1: Comparison of the memory require- 
ments in FDTD and MRTD techniques 

Technique Unknown Coeff. 

40x40 FDTD 96(H) 

40x40 MRTD 11328 

80x80 FDTD 38400 

economy in memory. 
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Abstract 
In this paper a new transmission line for microwave 

applications, referred to here as the Micro-Coplanar 

Stripline (MCPS), is introduced. The propagation 

characteristics, such as, characteristic impedance 

(Z0) and effective dielectric constant (ee//) for a 

range of MCPS geometries have been modeled using 

the Finite Difference Time Domain (FDTD) Tech- 

nique and presented here. Also, preliminary exper- 

imental results on the performance of an MCPS- 

Microstrip transition and an MCPS-fed patch an- 

tenna are presented. The results indicate several po- 

tential applications of the MCPS line in microwave 

integrated circuit technology. 

I    Introduction 
In recent years, wireless communications for audio, 

video and data transmission have witnessed tremen- 

dous growth. The essential requirements for these 

wireless systems are low cost for affordability and 

small size for portability. One approach in address- 

ing low-cost requirements is to combine the available 

digital silicon processing technology with the high 

frequency silicon germanium device technology. The 

size and complexity issues that arise with this inte- 

gration can be addressed by investigating novel inte- 

gration techniques which rely on multilayer three di- 

mensional transmission lines constructed using very 

thin glass or silicon dioxide layers. With appropri- 

ate interconnect technology available, customized in- 

novative integrated packages can be realized by mi- 

cromachining the silicon wafer [1]. These techniques, 

when realized, have the potential to meet the ever in- 

creasing demand to lower the cost and size of circuit 

components. 

This paper presents a new transmission line, the 

Micro-Coplanar Stripline (MCPS). Fig. 1 shows the 

geometry of MCPS. The MCPS is fabricated on a 

high resistivity silicon (HR Si) wafer and has a very 

thin spin-on-glass (SOG) as a spacer layer separating 

two strip conductors. MCPS has several advantages 

some of which are discussed here: 1) The dimensions 

of the strip conductors as well as the spacer layer are 

of the order of a few microns for a 50 ft transmission 

line. Thus the transmission line is very compact, re- 

sulting in small amount of parasitics when combined 

with active devices. 2) The strip conductors are on 

two levels, thus making vertical as well as horizontal 

integration possible. This can be useful in applica- 

tions such as mixers using broad-side couplers with 

tight coupling and wide bandwidth. 3) The spacer 

layer is very thin, hence making it possible to real- 

ize large capacitances in a small area. This feature is 

very desirable in the design of compact lowpass and 

bandpass filters. 4) The two strip conductors form 

a balanced line, making the MCPS an ideal line for 

feeding integrated antennas, such as, patches, bow- 

ties and dipoles. 

A number of variants of this basic structure, a few 

of which are shown in Fig. 2, can be used to achieve 

several advantages. Fig. 2a shows an insulating layer 

of Silicon dioxide (Si02) which can be used to ef- 

fectively isolate .the RF MCPS from the conductive 

properties of the low resistivity silicon (LR Si) wafer 

(few Ohms-cm) below. The advantage gained is that 

CMOS based circuits for signal processing on LR Si 

can coexist with the RF circuits thereby simplifying 

integration. Fig. 2b shows a possible configuration 

using HR Si wafer (> 3000 ohm-cm). The advantage 

here is that the HR Si wafer will lower the attan- 



uation and also improve isolation between adjacent 

circuits. The additional dielectric layer can be used to 

improve field confinement or for building RF circuits. 

Fig. 2c shows a geometry where the upper dielectric- 

layer is replaced by an LR Si wafer with an etched 

groove which can serve as a metal cover or a ground 

plane for circuits located above. The last configura- 

tion, shown in Fig. 2d, is an MCPS which is shielded 

and suspended inside an enclosure formed by two LR 

Si wafers with etched grooves. This line is expected 

to have very low attenuation since the ee// is approx- 

imately equal to that of air. Such a transmission line 

is ideal for constructing feed systems for high gain, 

high efficiency planar array antennas. 

In the following sections, first, a brief description of 

the fabrication process for the MCPS is presented. 

Next, the propagation parameters of the MCPS, such 

as, Z0 and ee// f°r a range of MCPS geometries is 

presented. These have been modeled by using the 

well known FDTD technique [2], [3], [4]. Finally, to 

demonstrate the applications of this line, preliminary 

experimental results on an MCPS-Microstrip broad- 

band transition and a feed network for a patch an- 

tenna have been presented. The experimental work 

was performed using a Duroid based MCPS line for 

the purpose of validating the applicability of the 

novel transmission line. Fabrication and measure- 

ment of SOG-on-Silicon based MCPS lines is cur- 

rently in progress. 

II    Fabrication of MCPS: 

To begin the fabrication process, the lower strip con- 

ductor is fabricated on the substrate (er2) by a lift-off 

process [5]. Next, the dielectric spacer layer (eri) is 

built-up to the required thickness by multiple spin- 

coats. Lastly, the upper strip conductor is fabricated 

using the lift-off process once again. An HR Si ( > 

3000 ohms-cm) silicon wafer is used as the base sub- 

strate and the gold metalization of about 1.0 /im 

thickness is used as the conductor. Accuglass 512 

SOG is used as the dielectric spacer layer. The dielec- 

tric constant and thickness of the Accuglass used here 

are 3.1 and 2.5 jum respectively. If a higher dielectric 

constant or thicker layer is required, it is preferable to 

use other spin coating materials, such as, polyamides. 

Ill      Characteristics of MCPS. 
A number of MCPS geometries have been character- 

ized using the FDTD technique in order to obtain 

the characteristic impedance and effective dielectric- 

constant. For these lines, a 400 /mi thick Silicon sub- 

strate (er2 = 11.7) is chosen. The thickness of glass 

(fri = 3.1) is 2.5 /im. Tables 1 and 2 below sum- 

marize the Z0 and £e// for SOG-on-Silicon MCPS 

with line widths (\V) 135 ßm and 94.5 /im respec- 

tively for overlap (S) ranging from positive (+27/im) 

to negative (-27/im). Here. '+' indicates an overlap 

between the lines and *-' indicates a separation. From 

the tables, it can be seen that as the overlap distance 

between the MCP strips increases, the characteristic 

impedance decreases. This is because with increasing 

overlap, the coupling (capacitance) between the lines 

increases, thereby reducing Z0. Also it is seen that 

lowering the stripwidth increases Z0. From these, it 

is obvious that by varying the parameters involved, a 

wide range of desired characteristic impedances can 

be obtained. 

While the above line dimensions are useful for feed- 

ing patch antennas and transitions, for integrating 

CMOS with RF circuits, lines with much smaller di- 

mensions are required. It has been found that a line 

with W = 10 /im and S = 4 /tm yields characteristic 

impedance close to 50 0. Fabrication of this line on 

HR Si with a 2.5 /im SOG spacer layer is in progress. 

Although Fig. 1 does not show the probe pads, this 

line will be characterized using standard on-wafer RF 

probing equipment. 

Table 1: Z0 and eeff of SOG-on-Silicon MCPS: 

£»i = 2.5/un, D2 = 400/zm, W = 135/zm 

Overlap S (/mi) ZoW e«// 
+27.0 10.7 3.49 
+13.5 14.0 3.67 

0.0 22.4 4.02 

-13.5 51.2 5.61 

-27.0 59.0 5.89 

IV    Applications of MCPS: 
In order to demonstrate the efficacy of this line, 

a broadband MCPS-Microstrip transition and an 

MCPS fed Patch antenna have been experimentally 



Table 2: Z0 and ttff of SOG-on-Silicon MCPS: 

£>i = 2.5/an, D2 = 400pm, W = 94.5/jm 

Overlap S (/im) ZoM £e// 

+27.0 11.1 3.40 

+ 13.5 14.6 3.59 

0.0 23.9 3.94 

-13.5 58.4 5.50 

-27.0 66.6 5.79 

characterized. In doing so, MCPS circuits fabricated 

on 254 /an and 127 /an thick Duroid have been used. 

a) MCPS-Microstrip   broadband   transition: 

The schematic of an MCPS-to-Microstrip back-to- 

back transition is shown in Fig. 3. In the figure, sec- 

tion A - B corresponds to the microstrip line while 

section C - D corresponds to the MCPS. The tran- 

sition consists of a short length of a 50 fi microstrip 

line of width 254 /an whose ground plane is abruptly 

truncated. At this plane, the tapered MCPS strip 

conductors form a junction with the microstrip line. 

At the junction, the tapered section of the MCPS 

conductors form a symmetric parallel plate line. The 

conductors of the parallel plate are flared out in op- 

posite directions, forming the regular MCPS with W 

= 889 //m while facilitating impedance and mode 

matching. The relevant parameters of this geometry 

are as follows: 
Dx = 254 /im; erl = 10.5; er2 = 1; W = 889 /im; Wx 

= 254 /xm. Fig. 4 shows the measured Sn and S21 

of this transition. From the figure it can be seen that 

the insertion loss of the transition is close to 0.7 dB 

at the center frequency of 7 GHz and has a maximum 

value of 1.0 dB at 14 GHz. This includes the losses 

due to the two coaxial launchers of the Wilton test 

fixture which are of the order of 0.25 dB each. Thus it 

can be seen that deembedding will further reduce the 

insertion loss to 0.2 dB at 7 GHz, with the maximum 

loss being 0.5 dB at 14 GHz. These results indicate 

that the transition has excellent characteristics over 

a broad range of operation. 

b) MCPS   Feed   for   a   Patch   Antenna:  The 

schematic of an MCPS fed patch antenna which is 

designed to operate at 19 GHz is shown in Fig. 5. 

In this circuit, power is coupled to the patch radi- 

ator through an MCPS-to-Microstrip transition. An 

interesting feature of this feeding network is that it 

can provide an optimum substrate for a given fre- 

quency band of operation by proper choice of the 

spacer layer thickness D\ and dielectric constant eri. 

The parameters of this circuit are given below: 

£»1 = 127 /xm ; erl = 10.8; D2 = "62 /an; er-> = 10.2; 

a = 3429 /an; b = 2286 /im. The measured return 

loss Sn of the antenna using an RF wafer probe (10 

mil pitch) is shown in Fig. 6. As seen from the figure, 

the patch antenna resonates at 18.1 GHz while it is 

designed to resonate at 19.0 GHz. This shift is due 

to the parasitics added by the MCPS section which 

have not been deembedded. It can be seen from the 

figure that the antenna is well matched to the feed. 

This demonstrates the feasibility of using MCPS as 

feed lines in the design of antenna arrays for wireless 

applications. 

V Conclusion 
A new transmission line, the MCPS, which has the 

potential to provide extremely compact and low cost 

circuits with wide design flexibility has been intro- 

duced. The propagation characteristics for a wide 

range of circuit parameters have been presented. 

Also, the applications of this line has been demon- 

strated by characterizing an MCPS-Microstrip tran- 

sition and an MCP-fed Patch antenna. 
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I Introduction 
In the last few years, Multiresolution analysis has been successfully applied to finite difference time 

domain (FDTD) technique in solving a variety of electromagnetic problems [1], [2], [4], [5]. Multires- 

olution Time Domain (MRTD) approach uses Multiresolution Analysis (MRA) to discretize Maxwell's 

equations in time domain. The Electric and Magnetic field components are expanded in terms of scal- 

ing as well as wavelet bases. The new discretized equations can be derived by applying the Method 

of Moments in space and time domain. MRTD technique has demonstrated excellent capability in 

solving Electromagnetics problems [1], [2], [4], [5]. This technique lends itself very naturally to 

multigrid schemes due to the combined use of scaling and wavelet functions in selective regions of the 

computational domain. 
The advantage of using a combination of wavelets and lower resolution scaling bases instead of 

higher resolution scaling functions alone is that wavelet coefficients are significant only in the areas of 

strong field variation and coefficients below a certain threshold level can be dropped without adversely 

affecting the conditioning of the formulated mathematical problem. This leads to significant economy 

in memory and computation time while enhancing field resolution in selective regions where both 

scaling and wavelet coefficients are used. 

The use of different basis functions leads to a variety of MRTD schemes, each one carrying the 

signature of the basis used. Recently, MRTD based on Haar and Battle-Lemarie functions have been 

successfully applied to microwave propagation and transmission problems [4], [5]. In all these schemes, 

the method of formulation of the appropriate boundary condition at discontinuities is not very obvious. 

This paper focuses on the methodology of applying specific boundary conditions at dielectric and metal 

interfaces. Also, included is a discussion of MRTD as applied at the source region. 

II 3-D Haar-MRTD Scheme 
For simplicity we begin with of the 3D MRTD scheme with wavelets along the z direction. Consider 

the following equation obtained from Maxwell's H-curl equation: 

dE±^d_EL_d_E± (1) 

dt        dy        dz 

This equation is rewritten in a differential operator form as shown below: 

L1(f1(x,y,z,t)) + L2(f2(x,y,z,t)) = g (2) 

where Lx and L2 are the operators and /!(x,y,z,t) and /2(x,y,z,t) represent the electric/magnetic fields. 

We now expand the fields using the Haar based MRA with scaling functions <f> in all three directions 



and wavelet functions v [3] in the z direction alone. The field expansion can be represented as follows: 

f(x.y.z.t)= [A}[o(1)o(x)o(y)o(:)} 

+ {B][o(1)o(T)o(y)v(:)} (3) 

where [<p(t)d(x)o(y)©(z)]and [o(t)o(x)6(y)i'(z)] represent matrices whose elements are the correspond- 

ing basis functions in the computation domain of interest and. [A] and [B] represent the matrices of 

the unknown coefficients which give information about the fields and their derivatives. 

Application of Galerkin's technique leads to the following schemes: 

< [<Mxf>],Li(fi) + L2(f2) > = < [<f><f><t>],g >: <f>d>(j)Scheme 

< [<W],Ii(/i) + Ia(/2) >=< [<M»l>],g > <f>4>ipScheme 

Thus, by sampling Maxwell's differentia] equations with scaling and wavelet functions, we obtain 

a set of simultaneous discretized equations. For the first resolution level of Haar wavelets, the above 

schemes decouple and coupling can be achieved only through the excitation term and boundaries. In 

the following sections, the conditions to be applied at these locations will be discussed. 

For the Haar based MRTD scheme, the parallel plate waveguide shown in Fig. 1 is used to illustrate 

the treatment of the aforementioned interfaces. The plates are assumed to be infinite in width for sim- 

plicity and are separated by a distance of 24mm. A single mode (TEM) operation is chosen throughout 

this study. For simplicity, the examples in the following sections specifically focus on MRTD scheme 

with only the first level of wavelet resolution. However, this techniques could easily be extended to a 

general scheme with multiple levels of wavelets. 

In characterizing the circuits below, the Perfectly Matched Layer (PML) is used as an absorber. 

PML can be applied by assuming that the conductivity is given in terms of scaling and wavelet functions 

instead of pulse functions with respect to space [6]. The spatial distribution of the conductivity for the 

absorbing layers is modeled by assuming that the amplitudes of the scaling functions have a parabolic 

distribution. The MRTD mesh is terminated by a PEC at the end of each PML layer. 

Ill    Application of Source term in the Haar-MRTD scheme: 
The considered parallel plate waveguide is excited such that it operates in the Dominant TEM mode. 

A signal with uniform spatial distribution along the waveguide cross section and Gaussian time dis- 

tribution is chosen as the excitation. The amplitude of the scaling coefficients at the excitation plane 

is derived by sampling the excitation with pulse (Haar scaling) functions. The total electric field at 

the interface of the source and its adjacent cell must be continuous. Assuming that the field variation 

between these two cells is of the first order, it can be proved that the value of the first order wavelet 

coefficient is half that of the first derivative of the field. Thus, for a specific cell k with scaling and 

wavelet field amplitudes E*** and E**^ respectively, the total field value at the position (k - 0.5)Az 

equals E+tk_05 = E*k** +2Ef** and location (k + 0.5)Az equals i^+o.s = EJ**-2Ei+*. The am- 

plitude of the wavelet coefficients at the excitation plane can be given by applying the continuity 

condition at the interface between the source and its adjacent cell: E^ot k+05 = E*otk+05. This leads 

to the following condition on the wavelet coefficients at the source location: 

E*** = -0.5[E*** + 2E**t - E***\ (4) 



Fig.s 2. shows the scaling, wavelet and total electric fields, in a parallel plate waveguide which 

is shorted at one end with a PEC. without the use of the continuity condition, at an arbitrary time 

step after the incident pulse is reflected. It can be observed from the figure that the total field is not 

smooth: each cell interface introduces a spurious discontinuity. This implies that the coupled wavelet 

coefficients are not correct. Fig.3 on the other hand shows the scaling and wavelet coefficients along 

with the total field for the same geometry after applying the continuity equation (4). The smoothness 

of the total field here indicates that the wavelet coefficients have the right magnitude and phase when 

the source condition is applied. Without the continuity condition, the boundary conditions are satisfied 

only for the average field values (scaling coefficients), whereas, continuity condition ensures that the 

appropriate boundary conditions are satisfied on the total field which depends on the average field as 

well as the derivatives of the field (wavelet coefficients). 

IV Treatment of PECs in the Haar-MRTD Scheme: 
At the interface of a PEC, the total tangential Electric field is equal to 0. Since the location of the 

origin of the wavelet function coincides with the PEC, the requirement that the scaling functions have 

a zero value for this specific cell is a sufficient condition for the satisfaction of the boundary condition. 

Since the wavelet coefficients indicate the local derivatives of the field, they can have a nonzero value 

and can be calculated by applying continuity condition on the tangential electric field as shown in 

equation (4) above. For a PEC located at cell k = 0, applying equation (4) and noting that the scaling 

coefficient E^ is zero at the PEC, we obtain the following equation for the wavelet coefficients. 

E$** = -0.o[Ef^ + 2Ef*xp] (5) 

Fig. 4 shows the reflected scabng, wavelet and total fields at an arbitrary instant of time in the 

aforementioned shorted parallel plate waveguide, before using equation (5) for the wavelet coefficient 

at the location of the PEC. Fig. 5 shows the same fields in the case where Equation (5) is used. The 

smoothness of the total electric field obtained here in contrast to the non-smooth field seen in Fig. 3 

validates the necessity of applying the continuity condition at the PEC location. 

V Treatment of Dielectric Interfaces in the Haar-MRTD Scheme: 
At the interface of two dielectrics, the scaling and wavelet coefficients couple, even for the first order 

of wavelet resolution. Consider a dielectric interface at location k (assume the dielectric interface to be 

perpendicular to the direction of propagation) for the parallel plate waveguide considered above. Let 

the dielectric constant of the material to the left of the interface be erJ and that of the material to the 

right be er2. By expanding the electric flux density (D) and electric field (E) in terms of the scaling 

and wavelet functions and applying the method of moments to the constitutive relationships, it can 

be shown that for the first resolution level of wavelets at the interface location k, their coefficients are 

related by the following coupled equations: 

D?* = 0.5cQ[(erl + er2)E**+ f (erl - er2)E^} (6) 

D*** = 0.5e0[(erl + €r2)E*H' + (erl - er2)E***} (7) 

In addition to the coupled equations above, the continuity of the total tangential electric field 

at nodes adjacent to the interface needs to be ensured. Following the same procedure that leads to 



equation (-4). we obtain the following equations one cell to the left and right of the interface k. 

E°kl\ = +0.5[£t°!? - 2E°k:\ - Et") I *) 

Et°+\ = -0.5[£t°:? + 2Etl\ - Etl0,} <9> 

Figs. 6 and 7 show plots of the scaling, wavelet and total flux density with and without the use of 

the above continuity equations respectively for the waveguide described above whose first half is filled 

with air and second half with a material of er = 10. As mentioned earlier, the plane of discontinuity 

in this case is perpendicular to the direction of propagation. The smoothness of the total field in Fig. 

6 in comparison to its roughness in Fig. 5 validates the continuity conditions in equations 8 and 9. 

VI    Comparison with MRTD Schemes based on Entire-Domain Ba- 

sis: 
When entire-domain functions are used as scaling and wavelet basis for the development of Multires- 

olution schemes [2] [5], hard boundaries (e.g.PEC's) and excitation can be modeled in a similar way. 

E- and H- field components are expanded in terms of scaling and wavelet functions and the discretized 

equations are derived by using the method of moments. To obtain a desired excitation waveform at a 

certain position , a finite number of field coefficients surrounding the source point have to be updated. 

The stencil size varies from 8-12 for phase error less than 1° per wavelength. The desired spatial dis- 

tribution of the excitation is sampled with scaling and wavelet functions in space-domain to derive the 

appropriate coefficients for the neighboring points. Usually, the source is applied in the vicinity of one 

or more metallic planes. Unlike the FDTD where the consistency with the image theory is implicit 

in the application of the boundary conditions, for MRTD schemes based on entire-domain functions, 

this theory must be applied explicitly in the locations of Perfect Electric (PEC) or Magnetic Conduc- 

tors (PMC). The total value of a field component at a specific cell is affected by a finite number of 

neighboring cells due to the entire-domain nature of the basis functions. Inserting the field expansions, 

the PEC boundary conditions of zeroing out the tangential-to-PEC E-field and the vertical-to-PEC 

H-field can be discretized by applying the method of moments. Due to the orthonormal nature of the 

expansion basis, it can be proved that the contribution of each neighbor at the location of the PEC 

has to be zero,a condition that can be satisfied with the explicit application of the Image theory. For 

example, even symmetry is applied for the normal-to-PEC electric field components and odd symme- 

try for the parallel-to-PEC. The Image Theory can be implemented automatically for an arbitrary 

number of hard boundaries. 
Dielectric discontinuities are modeled by discretizing the constitutive relationships using the scal- 

ing and wavelet functions and solving a linear matrix equation [7]. Again, the stencil of the considered 

neighboring coefficients depends on the desired dispersion characteristics and usually range from 8-14 

for dielectrics with e smaller than 20. The conventional PML numerical absorber [8] can be extended 

assuming a spatial electric and magnetic conductivity distribution in terms of scaling and wavelet 

functions [6]. Generally, for MRTD Schemes based on entire-domain basis functions, the effect of 

discontinuities is not numerically localized, but is seen on a number of neighboring coefficients. Never- 

theless, the procedure to apply the Boundary Conditions is the same for all MRTD schemes, though 

the details of implementation may be different. 



VII Conclusion 
The treatment of excitation condition. PEC boundaries and dielectric interfaces for the Haar as well 

as Entire Domain based MRTD schemes has been presented. These conditions have been validated In- 

applying them to obtain the fields in a Parallel Plate waveguide. It has been shown that using the 

appropriate boundary conditions derived here is essential for obtaining smooth reconstructed fields. 
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Figure 2: E field WITHOUT wavelet excitation condition in a Plate Waveguide. 
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Figure 3: E field WITH wavelet excitation condition in a Plate Waveguide. 
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Figure 4: E field WITHOUT continuity condition at PEC in a Parallel Plate Waveguide 
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Figure 5: E field WITH continuity condition at PEC in a Parallel Plate Waveguide 
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Figure 6: Flux density (D) WITHOUT wavelet continuity conditions in a Parallel Plate 
Waveguide half filled with dielectric of er = 10. 
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Figure 7: Flux density (D) WITH wavelet continuity conditions in a Parallel Plate Waveg- 
uide half filled with dielectric of er = 10. 
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Figure 2. Back-to-back right angle bends. 

Figure 3 shows the cross coupling between the two bends. By shielding the two lines 
the surface waves which couple them have been successfully eliminated and the cross cou- 
pling is reduced. 
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Figure 3. Measured cross coupling between open and packaged bends. 

By providing upper and/or lower shielding cavities, it has been shown that these self- 
packaged structures enhance power transmission in feedlines for microstrip patch antennas. 
Figure 4 shows the return loss of a packaged and open microstrip fed patch antenna. One can 
see the improvement in bandwidth which is attributed to the packaged feedline maintaining 
the input impedance over the frequency range as compared to the open structure. 
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Figure 4. Return Loss for open and packaged microstrip fed patch antennas. 

NUMERICAL MODELING OF MMIC PACKAGES 

In the design process of electronic devices there exists a circuit design and analysis 
phase. It would be ideal if an engineer were able to use commercially available software 
which not only simulated the performance of his circuit but also considered the effects of the 
components which will be used to complete the packaging. A simulator of this kind would 
greatly reduce the cost associated with preliminary design and prototype iterations. Current- 
ly available software is not capable of giving the engineer information necessary in high fre- 
quency design. 

An effort is underway where the FEM is being used to model a high frequency MMIC 
package for a phase shifter3. Using this code, the effects of package features (via holes, 
bonding wires, CD bias lines, symmetry and location of IC) are taken into account and able 
to provide much needed information with respect to these issues. The K/Ka-band hermetic 
package being modeled in Figure 5 has been fabricated by Hughes Aircraft Company for 
NASA Lewis Research Center. 
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Figure 5. K/Ka-band hermetic package. 
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Figure 6. Return Loss for hermetic package. 

Using HTCC processing techniques the (7.112 x 7.112 x 1.27) mm package is fabricated 
from alumina (95% pure, £,. = 9.5). The experimental data compares well with the numerical 
results as seen in Figures 6 and 7 where a through line was used to characterize the package. 
This code also predicts how the package peripherals affected the response of the package3. 
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Figure 7. Insertion Loss for hermetic package. 



SILICON BASED MMIC PACKLAGE 

Current research efforts are being conducted in the area of developing single chip carri- 
ers such as the one being modeled using the FEM code. We propose to use thin film tech- 
nology to develop silicon based packages. There are many advantages to using an 
established silicon technology to develop high frequency high density electronic packages 
compared to other materials and assembly techniques. The smallest linewidth and via diam- 
eter realization is achievable and high frequency requirements can be easily met when em- 
ploying this technique4. When compared to laminate and ceramic processing technologies 
thin film packaging offers increased circuit density and the capability to accommodate multi- 
layer tile arrangements which are important in space applications where low volume, high 
performance, high frequency packaged structures are required4. Research shows that space 
communications can benefit from this packaging scheme to achieve reduced volume and 
weight5. Figure 8 shows the top views of the HTCC alumina and the thin film silicon phase 
shifter packages. 

Figure 8. Photograph of HTCC and Thin film hermetic packages. 

The processing techniques used to fabricate this silicon structure were standard IC steps 
such as metallization by evaporation and plating, photolithography and wet chemical etching 
to generate the 3-D structure. Four wafers comprise the package itself. They consist of met- 
allized silicon as a holder for the package, two processed wafers which realize the transmis- 
sion lines (open microstrip, stripline, and shielded microstrip) and one final wafer for the top 
cover to offer hermetic shielding. Figure 9 shows a plan view of the layers used in develop- 
ing the package in addition to the through line being used for electrical characterization. 



Figure 9. Thin film (silicon based) MMIC package layout. 

FUTURE WORK/CONCLUSIONS 

Research is underway at The University of Michigan in an effort to create the building 
blocks required for the development and design of high frequency circuits and packages 
which offer excellent electrical performance while achieving the cost and weight require- 
ments proposed by industry. The theoretical characterization aids in reducing research dol- 
lars by providing the design engineer an alternative to expensive iterations on prototype 
designs. Figure 10 shows an example of the proposed future on-wafer packaging structures 
which has a hundred-fold reduction in cost. 
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Figure 10. Future on-wafer packaging. 
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INTRODUCTION 

Microstrip and slot antennas are used in a broad range of applications from communi- 
cation systems (radars, telemetry and navigation) to biomedical systems, primarily due to 
their planar characteristics and low manufacturing cost1. With the recent development of mi- 
crowave and millimeter-wave integrated circuits and the trend to incorporate all microwave 
devices on a single chip for low-cost and high density, there is a need to fabricate patch an- 
tennas on high-index materials such as Silicon, GaAs or InP. Because of their high index, 
these materials exhibit a pronounced surface wave excitation, thus leading to lower antenna 
efficiency, reduced bandwidth, degradation of the radiation pattern and undesired coupling 
between the various elements in an array design. Only a few approaches have been put forth 
to resolve the excitation of substrate modes in microstrip antennas, including using a sub- 
strate-superstrate configuration2, adjusting the radius of a circular patch to a critical value3, 
suspending the patch over an air cavity through the use of a membrane4 or over closely 
spaced periodic holes in the substrate5. 

We have developed two different techniques in order to address the previously men- 
tioned problems, based on the implementation of micromachining technology. In the first 
technique, material is removed laterally in a region under and around the patch antenna in 
an effort to locally reduce the dielectric constant. Experimental results have shown a signif- 
icant increase in antenna efficiency, when compared with a regular rectangular patch. In the 
second technique, the resonant length of the patch is adjusted in order to minimize the dom- 
inant TM0 surface mode. Because the dimensions required to suppress the surface wave are 
larger than the dimensions for the desired frequency of operation, dielectric material is re- 
moved in an area only under the patch. Simulation results (FDTD), have shown a significant 
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decrease in the excited surface waves between the micromachined antenna and the regular 
one. 

REDUCTION OF THE EFFECTIVE DIELECTRIC CONSTANT (TECHNIQUE I) 

Calculation of Reduced Dielectric Constant 

In this approach, material is removed underneath the antenna by using selective etching 
techniques and the excitation of surface waves is suppressed by creating a micromachined 
cavity as shown in Figure 1. 

IS 
Figure 1. Geometry of the micromachined antenna with mixed air-substrate region that has been laterally 
etched away. 

In order to predict the effective dielectric constant of the mixed air-dielectric (in our 
case Silicon or Duroid with ^=10.8) region for varying thickness ratios underneath the 
patch antenna, a quasi-static model based on series capacitors is used. A plot of the theoreti- 
cal and measured effective dielectric constant versus the air gap thickness can be found in 
Figure 2, where an effective dielectric constant of approximately 2.2 is achieved for a mixed 
air-silicon ratio of 3:1 from the capacitor model that includes the open-end effect extension 
length AL. 

■+- 
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Air Gap Thickness, X    (%) 

Figure 2 . Effective dielectric constant versus air-gap thickness (percent) for the silicon micromachined patch 
based on the capacitor model. 



Return Loss, Pattern and Efficiency Measurements of Model Antennas 

A micromachined patch antenna with an air-dielectric ratio of 3:1 was fabricated on a 
635 um thick Duroid substrate with £,=10.8, for checking the validity of our theoretical 
approach. The selection of this substrate is due to the fact that its dielectric constant is the 
closest possible to the one of Silicon (11.7). The dimensions of the antenna were 
7.624x6.676 mm and those of the cavity 15.19x14.478 mm. The distance between the radi- 
ating edges of the patch and the edges of the machined cavity was 3.783 mm. Due to the 
specifications of the efficiency measurement system set-up the resonant frequency of the 
patch was between 12.5 and 13.5 GHz (fres=13.165 GHz). 

In order to compare the performance of the micromachined antenna with that of a regu- 
lar antenna a conventional patch with dimensions of 3.75 x4.42 mm was fabricated on the 
same substrate (fres=12.84 GHz). In addition, a regular antenna with dimensions of 
7.57x7.34 mm was fabricated on a Duroid substrate with a thickness of 500 u,m and ^=2.2. 
All three antennas were fed by a 50 Q microstrip line for the best possible match and from 
the return loss that can be seen in Figure 3, we observe an increase in the -10 dB bandwidth 
of the machined antenna from 1.40% to 2.3% when compared with the bandwidth of the 
regular antenna on high index. In reality, the 2.3% bandwidth of the etched antenna is the 
same as the bandwidth of the low-index (2.2) regular antenna. Since bandwidth is inversely 
proportional to the quality factor, Q, defined as the ratio of total stored energy in the antenna 
to the energy dissipated or radiated from the antenna, the increase in bandwidth provides the 
first indicator of a potential increase in radiation efficiency. 

12.5 13 13.5 
Frequency     (GHz) 

1 4 

Figure 3. Return loss for the micromachined high-index patch, the regular high-index patch and the regular 
low-index one. 

Radiation patterns were also taken for all three antennas and they can be seen in Figure 
4, where we observe that the regular high index E-plane pattern has a large peak at about -50 
degrees, indicating large power leakage in the form of surface waves. In contrast, the micro- 
machined patch has a much smoother E-plane and is very similar to the one of the low index 
antenna. As expected, the H-plane patterns are similar in all cases. 



E-Plane 
0 

-5 - 

I10 

{ 

I -15 

•20 

-25 

 Regular (10.8) 
 ■ Micromacftined (10.8) -- 

Regular (2.2) 

■60 -40 .20 0 20 40 60 

H-Plane 

-10 

-20 

-25 

Regular (2.2) 
-Micromachined  (10.8) 

-Regular (10.8) 

•«        -40 -20 0 20 40 60 
Dtgrtts 

IlZlt^ff°" Pai^ fT ^ regU,ar high'indCX antenna' ^ micromachined antenna and the low-index antenna: a) E-pIane and b) H-plane. 

In order to obtain conclusive evidence about the increase in radiation efficiency of the 
micromachined antenna, efficiency measurements were performed for all three patches 
based on a radiometric method*? and a hemispherical hot/cold load (black-body absorber 
Ecosorb). The three antennas were placed on a test fixture with an RF connector at the input 
of the feeding line. The efficiency measurement was referenced at the RF connector and 
,thus, included besides the loss due to surface waves the feed-line loss (dielectric and con- 
ductor), the connector loss and the mismatch to the 50 Q line loss. The results can be seen in 
Figure 5, where we observe that the efficiency of the micromachined patch at the resonant 
frequency is 73±3 % whereas the efficiency of the regular high-index patch is 56±3 % The 
low-index regular antenna has an efficiency of 76±3 %. 

13 

Frequency (GHz) 

Figure 5. Measured efficiency for the micromachined and regular antennas. 



From the above results, it is obvious that the micromachined antenna performs like a 
regular low-index antenna and gives a 30% increase in the measured efficiency when com- 
pared with the conventional high-index patch. We should also note here that since the mea- 
sured efficiencies include losses irrelevant to the antenna (connector, feed-line and 
mismatch) a de-embedding process needs to be performed in order to get the efficiency of 
the antenna itself. This can be achieved by modelling the feed-line with a commercial soft- 
ware and calculating its losses, as well as by measuring the mismatch/return loss and using 
an empirical value for the RF connector loss. After de-embedding, the calculated efficiencies 
are 66% for the high-index regular patch, 85% for the micromachined high-index patch and 
82% for the low-index regular patch. These results indicate that the micromachined antenna 
is successful in suppressing the losses due to surface waves. 

ELIMINATION OF TMo SURFACE WAVE (TECHNIQUE II) 

Thoretical Analysis 

In this approach the resonant length of the rectangular patch is adjusted in order to min- 
imize the dominant TM0 surface mode. According to the equivalence principle and the cav- 
ity model, in terms of radiation a rectangular patch can be modeled as a rectangular loop of 
magnetic current. From the cavity model, the electric field of the dominant TM10 mode for 
the geometry shown in Figure 6 is given by: 

Ez = A cos («9 (i) 

s*; 
U 

2? 

Figure 6. Micromachined antenna for the elimination of TMo mode. 

where a,b are the width and the resonant length of the patch, respectively. The radiating 
edges are considered to be at y=0,b since only the dominant mode of the cavity is excited. 
The equivalent magnetic current at these two edges is: 



M = 2Exn = 2Ax (2) 

As it is known, a single Hertzian magnetic dipole, oriented in the x direction at a height 
z' above the ground will give rise to a TM0 surface wave field given by: 

(2)> ¥ = K(z,z')H^(ßTMop)sin<j) (3) 

where ßrM0 *s tne propagation constant of the TM0 mode and K(z,z') is an amplitude factor 
that depends on the height of the source and the observation point. By integrating over the 
two radiating edges of the rectangular patch for the magnetic current distribution, the total 
surface wave field radiated by the magnetic currents takes the form: 

¥ = -4A|^H(
1
2)(^rMop)tan0cos^ 

PTMO V 

b 
>2! TMonsin<t> sin }TMo2 ^COS(|)J (4) 

where B(z) = jK(z,z')dz'. 

In order to derive the above expression the far field approximation for the phase of the 
radiated wave was used. The pattern of equation (4) is shown in Figure 7 (dashed line). By 
setting b=7t/ßTMo nulls are placed at the location of the peaks of the lobes at <P=7C/2,3TC/2 so 
that four minor lobes replace the two major lobes (Figure 7, solid line). As a result, the sur- 
face wave pattern is reduced. 
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Figure 7. Surface wave field pattern for the regular antenna and the micromachincd antenna. 



Choosing b according to the above formula, results in a greater resonant length than the 
one chosen for the design frequency. In order to overcome this decrease in operating fre- 
quency, the material in a rectangular region under the patch is removed, thus creating a 
lower effective dielectric constant which will permit the desired increase in operating fre- 
quency. The length of this "cored" region is found from the rranscedental equation, which is 
derived from the field expressions of the dominant mode cavity, after applying the boundary 
conditions at the various interfaces. 

Results 

In order to test the accuracy of the previous analysis a rectangular patch with a resonant 
frequency of 22.5 GHz was designed on a Duroid substrate with ^=10.8 and a thickness of 
635 (im. Since for the given substrate , higher order surface modes exist above 40 GHz elim- 
ination only of the dominant TM0 mode is sufficient. The micromachined patch was com- 
pared with a regular patch on the same substrate and with the same resonant frequency 
through FDTD simulations. The results can be seen in Figure 8, where measurement of the 
electric field inside the dielectric region shows a suppressed field for the micromachined 
antenna by at least 10 dB, when compared with that of the conventional patch. 
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Figure 8. Normalized electric field inside the dielectric versus distance from the center of the antenna for the 
micromachined patch and the regular patch. 

CONCLUSIONS 

Two different approaches for the reduction of surface waves in rectangular microstrip 
antennas were presented in this paper. In the first technique, material was removed laterally 
underneath and around the patch and an increase of 64% and 30% was observed in the band- 
width and radiation efficiency, respectively. In the second technique, the resonant length of 
the rectangular patch was adjusted to a critical value in order to suppress the dominant TM0 

surface mode. Simulation results with FDTD showed a substantial decrease in the electric 



field measured inside the dielectric. Since both approaches require the use of micromachin- 
ing techniques and result in the enhancement of antenna performance, integration of these 
high-efficiency rectangular patches on MMIC's operating at high frequencies will be feasi- 
ble, successful and easy. 
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